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SOME NOTABLE FIRSTS IN ARRAY ANTENNA
HISTORY

Helmut E. Schrank, Consultant, Hunt Valley, MD
(Retired from Westinghouse Electric Corp., Baltimore, MD)

1. ABSTRACT
This paper briefly describes some of the significant array antenna

developments known to the author from his studies and experiences over the
past 58 years. Others may recall additional milestones and their
contributions to this historical review are most welcome.

Antenna technology began in the late 1880’s with the Hertzian
experiments to verify Maxwell’s (then controversial) theory of EM
(electromagnetic) waves. Hertz was the first to use wire loop, dipole, and
parabolic cylinder reflector antennas. Most early antennas for “wireless
telegraphy” (radio) communication were made of wires in various forms, and
were mostly omnidirectional.

Array antennas began in 1926 with the invention of the Yagi-Uda
three element endfire array in Japan. Phased arrays, capable of non-
mechanical beam steering, began in the mid-1930’s with the MUSA (Multiple
Unit Steerable Antenna) system used by AT&T for trans-Atlantic circuits.

Other “firsts” are discussed below.
Hopefully, our looking back at these past achievements will challenge

and inspire our younger engineers to make even greater “firsts” in this Third
Millennium.
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2. ANTENNA and ARRAY PROGRESS
A brief annotated chronological list of major milestones in the history of
array antennas. Some of these items will be expanded in following sections.
1886-'88 FIRST ANTENNAS
Heinrich Hertz — Karlsruhe, Germany
Experiments to verify Maxwell’s EM theory. Used
resonant loop, dipoles, and parabolic reflectors.
1895 FIRST WIRELESS TELEGRAPHY (RADIO)
Guglielmo Marconi — Bologona, Italy
Demonstrated wireless communication using EM
(“Hertzian™) waves. Used omnidirectional wire
antenna.
1926 FIRST ARRAY ANTENNA
Hidetsugu Yagi and Shintaro Uda — Sendai, Japan
Three-element endfire array, unidirectional beam.
1937 FIRST PHASED ARRAY -
AT&T/BTL engineers — New York, USA
MUSA array of thombics to reduce signal fading in
trans-Atlantic telephone link.
1941 FIRST U.S. MILITARY RADAR DETECTION OF ENEMY
ACTION IN WW2
U.S. Army Signal Corp. operators — Oahu, Hawaii
SCR-270 radar using dipole array
1940’s FIRST ELECTRONIC AZIMUTH SCAN
Bell Telephone Labs engineers — New Jersey, USA
Using polyrod array, motor driven phasers, Navy
radar.
1940’s FIRST ELECTRONIC ELEVATION SCAN
Hughes Aircraft Co. engineers — California, USA
Freq. scanned elevation stabilization, Navy radar.
1946 FIRST RADAR ECHO FROM THE MOON
U.S. Army Signal Corp. engineers — Ft. Monmouth, USA
Modified SCR-270 radar, dipole array.
1960 FIRST SWITCHED-BEAM SPHERICAL ARRAY
JHU/APL and Westinghouse engineers — Maryland, USA
U.S. Navy SPG-59 TYPHON experimental radar
system.
1960’s FIRST MULTIFUNCTION PHASED ARRAY
Texas Instruments (now Raytheon) engineers — Texas, USA
MERA planar array, USAF experimental radar.
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1967 FIRST EXPERIMENTAL ULTRALOW SIDELOBE ARRAY
Westinghouse engineers (Phil Hacker) — Baltimore, USA
1970’s FIRST AFFORDABLE MULTIFUNCTION ARRAY
Westinghouse engineers (B. Sichelstiel) — Baltimore, USA
EAR planar array, U.S.AF. experimental radar.
1970’s FIRST PRODUCTION ULTRALOW SIDELOBE PHASED
ARRAY
Westinghouse (now Northrop Grumman) engineers —
Baltimore, USA
USAF AWACS surveillance radar.

3. The YAGI-UDA ARRAY

In 1926 Professors Yagi and Uda invented the well-known and widely
used endfire array consisting of one driven dipole element and two (or more)
parallel parasitic rods of different lengths to produce a unidirectional beam. It had
moderate gain and a narrow bandwidth, but its use in Japan was limitedto
communication with off-shore islands. However, it found wide applications by
the U.X. and U.S. military forces in WW2 for communication, radar, and other
systems. Later, the Yagi principle led to the ubiquitous TV receiver antennas
throughout Europe and the U.S.

As Gentei Sato points out in his article “A Secret Story About the Yagi
Antenna” [1], the Japanese were surprised to discover the use of Yagi antennas by
UK. forces after the battle of Singapore. Later they learned that the Yagi antenna
was a key component of the atom bombs dropped on Hiroshima and Nagasaki to
end the Pacific War.

Much R&D has been done since WW2 to improve Yagi performance. Sce
the June 1991 issue of the IEEE Antennas and Propagation Magazine.

4. THE MUSA PHASED ARRAY

In the 1930’s, before submarine cables were laid, the AT&T Company
used a short-wave radio link across the Atlantic for its commercial telephone
circuits to and from Europe. To reduce signal fading caused by instability of the
ionosphere, Bell Laboratories developed a phased array of receiving antennas.
This antenna system was called MUSA, for Multiple Unit Steerable Antenna [2].

The antenna consisted of a linear array of sixteen rthombic elements,
phased to produce a near-endfire pattern. In Figure 1, a simplified four element
array is shown, with each element connected to the central receiver by individual
transmission lines. The 16-element array was two miles long, and was aligned in
the direction of the incoming wavefront. The resulting pattern (shown in Figure
2) has much higher directivity in the vertical plane, and therefore, reduces fading
caused by interference between waves arriving from different vertical angles. To
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control the vertical angle of the array pattern, mechanically-driven condenser
phase shifters were used.

Although most modern phased arrays are designed for radar applications,
it is interesting to note that the first phased array was used for communication.

5. THE SCR-270 RADAR ARRAY
The SCR-270 [3] radar was one of the first to see service in WW2. It was

developer for the U.S. Army Signal Corp. in Ft. Monmouth, NJ and manufactured
by Westinghouse in Baltimore, MD. Its antenna was a planar array of 32 dipoles
in front of a wire mesh groundplane, mounted to a vertical tower. As seen in
Figure 3, the horizontally oriented dipoles were arranged in four bays of eight
dipoles each. It produced a beam narrower in azimuth than in elevation (approx.
7 by 17 degrees) normal to the array plane. The entire antenna and tower rotated
mechanically for azimuth scanning. The radar measured range and azimuth
direction of target echoes. It operated at a frequency of 106 MHz.

An earlier version (SCR-270-B) was operational on Oahu, Hawaii on Dec.
7, 1941 when Pearl Harbor was bombed by Japanese aircraft. Echoes from the
oncoming raid were detected at a range of 137 miles north of the Opala radar site.
When this was reported to superior officers by the radar operator, the report was
dismissed with the assumption that a group of U.S. B-17 aircraft was on its way
from the U.S. West Coast.

This detection was the first use of radar by the U.S. military forces in
warfare, a truly historic event. In 1946 a modified SCR-270 radar was used to
detect the first echoes from the Moon, another historic event.

6. EARLY SHIPBORNE RADAR PHASED ARRAYS

Early radars for Navy ships had antennas designed to scan in azimuth only
to detect other surface vessels. Most of these radars used parabolic reflector
antennas, and were scanned mechanically. The inertia of these antennas limited
how fast they could be scanned.

For rapid azimuth scanning, one of the first non-mechanically scanned
phased array antennas was invented at Bell Telephone Laboratories in the late
1940’s. It was known as the Polyrod Array [4] because it was a planar array of
dielectric rods made of polystyrene, fed from open-ended rectangular waveguides.
Motor-driven rotating phase shifters were used to rapidly scan the antenna beam
over an azimuth sector, for an experimental fire control radar. (See Figure 4).

Another early shipborne phased array antenna was developed at the
Hughes Aircraft Company. It was a vertical array of radiating elements fed by
serpentine waveguides to rapidly scan the beam in elevation without moving the
entire antenna. Its purpose was to stabilize the beam for horizon scan in rough
seas. The means used to keep the antenna beam on the horizon while the ship
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rolled and pitched was to vary the radar frequency, which resulted in phase shifts
1o the radiators. This was one of the first applications of frequency scanning.

7 A SPHERICAL ARRAY FOR THE TYPHON SY STEM RADAR

In the late 1950’s, the U.S. Navy sponsored a study and experimental
development program known as TYPHON. This ambitious program was to
design a shipborne radar system capable of defending against aircraft and/or
missile threats. The new multifunction radar was required to not only search for
threatening targets, but to also do target tracking and missile guidance. These
requirements called for an agile-beam antenna, capable of rapidly dealing with
more than one target. The TYPHON weapon system was designated AN/SPG-39,
and a prototype radar was built and installed on the USS Norton Sound for system
evaluation tests at sea. The radar performed but did not meet all system
requirements, so the program was terminated. Later the AEGIS system was
developed by RCA to replace TYPHON. [5]

The TYPHON antennas consisted of a spherical array for transmitting and
three Luneburg lens antennas for receiving. (See Figure 5). This innovative
arrangement was conceived by system engineers at the Johns Hopkins University
Applied Physics Laboratory (JHU/APL) and built at Westinghouse Electric
Corporation (now Northrop Grumman) in Baltimore. The antennas formed
almost 3000 discrete beams in space covering about 31T steradians. Beam
switching was used rather than beam scanning.

The spherical transmit array (Figure 6) consisted of 3240 dielectric-filled
circular waveguide radiating elements, designed to radiate circular polarization.
These elements were fed by semi-rigid coax cables as shown in Figure 7. Almost
900 elements were activated to form each beam in space. Elaborate switching
was required to connect the 900 TWT power amplifiers to the designated beam
group. Similar switching was required between the outputs of the so-called
“Computing Lens” to the inputs of the TWT amplifiers. (See Figure 8). The
Computing Lens was completely surrounded by a metal shell containing 3612
circular waveguide radiators. The Computing Lens and the transmit array were
approximately four feet in diameter.

Although this system failed to provide the necessary performance
requirements, the unique spherical phased array antenna provided a challenging
opportunity in both design and construction techniques, to say the least. It
represents and interesting chapter in the history of phased array antenna
technology.

8. MULTIFUNCTION AIRBORNE PHASED ARRAYS
The USAF Avionics Laboratory (WP AFB) sponsored two significant
array antenna development programs in the 1960’s and 1970’s. The purpose of
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both programs was to develop solid-state electronically scanned antennas for
future airborne radar applications.

The first of these programs was conducted by the Texas Instruments
Company in the mid 1960’s, and was called Molecular Electronics for Radar
Applications (MERA). The MERA antenna (built in 1967) was a planar array of
X_band radiators with a hexagonal aperture shape. It was designed for a multi-
purpose radar capable of ground mapping, air-to-ground ranging, terrain follow,
and terrain avoidance. Although these functions were successfully achieved, the
antenna was very heavy and excessively costly, mainly due to the electronic phase
control modules behind each radiating element.

The second program was conducted by Westinghouse Electric Corp.
Systems Development Division in Baltimore, from 1974 through 1979. It was
call the Electronically Agile Radar (EAR). The EAR antenna was a planar array
of 1800 clements forming a circular aperture about a meter in diameter. (See
Figure 9). It too (as did MERA) operated in the X-band and provided multi-
function radar capability. The radiating elements were especially developed by
two suppliers (Raytheon and Microwave Application Group) to include a 6-bit
digital ferrite phase shifter and control circuit integral with the dielectric filled
circular waveguide radiator. This array was designed to scan its main beam to +/-
60 ° off normal in any direction. Sidelobes were low and did not deteriorate with
scan angle, although the main beam gain followed the unavoidable cosine loss
factor. Three experimental antennas were built and two were flight-tested.

The main achievements of this program were not only its excellent
multifunction performance, but also its low weight, long MTBF period and its
affordability. The mass-produced phase-shifter/radiator elements cost
approximately $300 each. This was an order of magnitude lower than previous
similar components.

The EAR technology was directly applied to the design of the radar
antenna for the B-1B aircraft. Figure 10 shows a partially assembled array.

9. THE AWACS ULTRALOW SIDELOBE PHASED ARRAY

In the late 1960’s and early 1970’s, Westinghouse developed the
surveillance radar for the USAF AWACS System (Airborne Warning and Control
System, AN/APY-1). [6] This system required an antenna with special
characteristics to enable the radar to detect and track large numbers of aircraft
from its flight altitude of approximately 30,000 ft. Most of the aircraft targets
would be at lower altitude so the antenna had to illuminate 360 ° of azimuth
airspace from the horizon and downward in elevation. Echoes from low-flying
targets competed with stronger echoes from the ground, known as “ground
clutter”. To minimize ground clutter, the antenna had to have its minor lobes
(“sidelobes”) suppressed to levels never before achieved. Most antenna experts at
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that time believed —40 dB sidelobes to be the lowest achievable. Had this been
true, AWACS would not have been successful. What was required was an
antenna with sidelobes one or more orders of magnitude lower than —40 dB. [7]

Westinghouse engineer, Phil Hacker, investigated slotted waveguide
arrays to achieve the required performance. An experimental waveguide array
with narrow-wall slots was designed to form an ultralow (less than —40 dB)
sidelobe pattern. It was recognized that mutual coupling between slots caused
both amplitude and phase errors in the radiation from each slot. To get a desired
low-sidelobe distribution, it was necessary to take mutual couplings into account.
A computer-aided design program (CAD) was devised by Phil Hacker and
Richard McComas to do just that, and applied to design an 8-waveguide resonant
array. (See Figure 11). Slots were machined to close tolerances by a numerically
controlled milling machine. The resulting pattern came within 1 or 2 dB of the
theoretical, down to levels below —50 dB.

This breakthrough in antenna technology can be attributed, not only to
smart engineering, but also to the developments of accurate computer-controlled
machining techniques and of precision microwave measuring facilities such as the
network analyzer and other test range equipment. Design, production, and testing
improvements were all necessary to achieve “impossible” results.

The AWACS antenna (shown in Figure 12) is a planar array of slotted S-band
rectangular waveguides, forming an oval-shaped aperture which produces a main
beam approximately 1° in azimuth by 5 °in elevation. This beam is scanned in
azimuth by mechanical rotation of the radome-enclosed antenna, and is scanned in
elevation by electronically controlled phase shifters. It achieved a beam
efficiency of better than 99.5%, which means that less than 0. 5% of all the power
radiated is in all minor lobes.

This achievement constitutes a notable advance in the history of array
antenna technology. When the antenna experts said “it couldn’t be done”, Phil
Hacker and Dick McComas (and many others at Westinghousc) showed it could
indeed be accomplished. Because the AWACS program was classified, the
successful “breakthrough” could not be publicized for years, and it took a while
for the radar antenna community to appreciate what had been achieved.
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Fig. 39.—Experimental Polyrod Array.

Figure 4. Polyrod phased array (from BTL Radar Systems and Components).
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Figure 5. Typhon radar system ship installation (courtesy of JHU7APL).

242




itting

jcal phased array for transm

Figure 6. Spher

243




Figure 7. Half of spherical array showing semi-rigid coaxial cables
(courtesy of Westinghouse). ‘
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Figure 10. Partially assembled EAR

type array.
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Figure 11. Phil Hacker with experimental ultralow sidelobe array
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Figure 12. AWACS ultralow sidelobe phased array antenna.
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PREDICTED PERFORMANCE OF SMALL ARRAYS
OF DIELECTRIC-FREE TAPERED SLOT ANTENNAS

A. Boryssenko and D. H. Schaubert
Antenna Laboratory
University of Massachusetts
Ambherst, MA 01003

Abstract: A rigorous time-domain integral equation simulation has been
developed to predict the performance of small arrays of dielectric-free
tapered slot antennas. Broadband data are obtained with moderate
computer resources. By studying the input impedances of all array elements,
some insights into truncation effects are obtained. Linear arrays that are
five to ten elements in extent exhibit oscillations of the impedance that may
be associated with energy diffracted from the edges of the array. Single
elements seem to possess a critical frequency above which the impedance is
nearly real and nearly constant. Linear arrays exhibit similar behavior with
all array elements having approximately the same impedance, i.e., truncation
effects are not important in this frequency range. Planar arrays do not
exhibit this desirable effect.

1. Background

Tapered slot antennas, also known as Vivaldi or notch antennas, are appearing in
many antenna arrays. Design of a wideband scanning array requires extensive
numerical simulation and the relationships between performance and various
design parameters is still not adequately understood. Nonetheless, antenna
engineers with experience in the operation of tapered slot antenna (TSA) arrays
and access to the correct simulation tools are successfully designing arrays with
two or more octaves of bandwidth. Recently a significant limitation to the design
of practical TSA arrays has emerged; truncation effects in arrays of small to
moderate size are far more important for wideband TSA arrays than for
narrowband arrays of traditional elements [1]. Hence, every element of the array
behaves differently (impedance and radiation pattern). Existing electromagnetic
simulation programs cannot evaluate moderate-size arrays of stripline-fed TSA’s
efficiently to predict their performance over wide bandwidths and wide scan
ranges. Furthermore, many potential applications require lower cost array
fabrication than is possible with etched and bonded stripline structures that have
dominated TSA designs. Dielectric-free TSA’s comprised of a thin sheet of metal
cut or stamped in the shape shown in Figure 1 are attractive for these low-cost
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applications. An additional benefit of eliminating the dielectric substrate with two
metallic ground planes is the removal of some anomalous resonances that usually
appear at the upper end of the frequency band of stripline-fed antennas [2].
Dielectric-free TSA arrays have been shown to posses excellent wideband
characteristics, similar to those obtained with stripline-fed designs [3].

lg v . Ls
A |y |
Dec A b =11.25cm
- =31.5cm
A . y Ha=9.0cm
b De —¢ cexpRaz | Ra=020cm’
Y Dc=6cm
I Y 2 Ls= 1.5cm
| Ws v Ws=0.2cm
J Lg=2.0cm
d

Figure 1. Configuration of single dielectric-free Vivaldi tapered slot antenna
element with geometrical parameters for array simulations.

The purpose of this paper is (1) to introduce a new simulation tool that has been
developed to analyze small arrays of dielectric-free TSA’s and (2) to demonstrate
some of the truncation effects that occur in these arrays. A 3x3 array of TSA’s is
depicted in Figure 2. The configuration is formed by repeating the slot pattern in
both transversal directions, i.e. first along the y-axis to form a single sheet and
then a number of sheets are spaced parallel to each other.

Analysis of finite phased arrays generally proceeds along one of three paths:

1) A brute force technique using the element-by-element method. This works
pretty well for electrically small problems or approximately with a very
limited number of modes per array element for moderate size arrays. Often
there are severe limitations for larger arrays due to computational
requirements, for example, [4].

2) A windowing technique using the results of infinite array analysis with a
“windowed” amplitude excitation, e.g., [5]. This approach is only
approximate and seems best suited for arrays of elements that satisfy the
minimum scattering criterion [6]. It seems not to work for TSA arrays.

251



3) Various asymptotic techniques [7,8] have been developed for some specific
array configurations but they have limited accuracy and/or are not generally
applicable.

The element complexity and strong mutual coupling between the array elements
in Figure 2 necessitates a rigorous analysis that efficiently produces wideband
results. The elements in a 5:1 bandwidth array are separated by only 1/10
wavelength at the lower frequencies, but a practical array can be twenty or more
wavelengths across at the upper frequencies. A single element of the array is
typically about 1/4 wavelength long at the lower frequencies and more than one
wavelength long at the upper frequencies. An accurate analysis of the currents
flowing on the metallic fins requires a fine computational mesh for frequency-
domain or time-domain analysis. A typical Method of Moments mesh is

illustrated in Figure 3.

Figure 2.

3x3 single-polarized array composed of
dielectric-free Vivaldi antennas to be
simulated with d=31.5 cm, a=b=11.25
cm for operation to about 1.33 GHz
where first grating lobe appears.

O- gap

Figure 3. Triangular mesh for Vivaldi slot antenna with RWG feed mode.
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A brute force element-by-element approach has been chosen by the authors for
this study to treat accurately the edge effects in finite phased arrays of the type in
Figure 2. At the same time, we were not able to use existing numerical techniques
of computational electromagnetics like frequency domain MoM and FDTD.
Available versions of these numerical codes have strong requirements on
computer resources and limitations on the problem size when used on readily
accessible computer platforms. We developed and tested recently a time-domain
integral equation (TDIE) analysis based on the mixed potential formulation for
the electric field integral equation. This time-domain numerical technique uses
time stepping to compute the surface transient current and charge distributions
over the 3-D perfect electric conductor (PEC) surfaces of the antenna. After
Fourier transformation, the performance of the array can be predicted in the
frequency domain in traditional terms such as active scan impedance, return
losses, etc.

The formulation of the TDIE analysis is rigorous and efficient for numerical’
implementation on readily available workstations. Preliminary versions of the
simulation utilizing a mixed Matlab-Fortran code can compute the impedance of
all elements of a 5x5 array, 25 elements total, over three or four octaves of
frequency in about 2 hours using a PC configuration with 933 MHz Pentium-III
processor and 256 MB RAM.

The rest of the paper is organized in the following order. The next section
presents the principal points of the TDIE simulation technique and discusses
effective computational realization for broadband dielectric-free TSA single-
polarized arrays. Section 3 describes application of this technique to linear TSA
arrays starting from a single TSA element and considering in detail 5x1 and 10x1
array cases. Section 4 includes similar results for planar arrays of 3x3 and 5x5
elements. Several observations about the behavior of TSA elements in a small
array are discussed in sections 3 and 4.

2. Method of numerical analysis

In this section, we present our recently developed numerical simulation technique
for finite phased array explorations dealing with mutual coupling and edge
effects. After review of several existing computational electromagnetics
techniques that could be applicable to finite phased array problems like that in
Figure 2, the time-domain integral equation method was chosen as the basic
concept to be realized. The time-domain integral equation (TDIE) technique is
preferred to finite-difference time-domain (FDTD) because:
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1) Considerable memory saving is achievable with surface discretization in
TDIE instead of volume meshing in FDTD.

2) The radiation condition is automatically included in the formulation while
FDTD requires specific radiation boundary conditions like ABC or PML.

3) TDIE does not experience grid dispersion errors like FDTD, which affect the
accuracy of large array simulations.

The TDIE method we have developed can be used with readily available PCs or
workstations to analyze small to moderate size arrays of dielectric-free TSA’s.
By comparison, FDTD can treat small arrays of very general geometry [9] and
material, or infinite arrays by using periodic boundary conditions [10].

The TDIE method is closely related to existing time-domain MoM solutions that
use the Marching-on-in-Time (MoT) technique [11,12,13]. The MoM-MoT
formulation starts from the boundary condition on the PEC antenna surface that
requires zero magnitude of the total tangential electrical field composed of
incident, (i), and scattered, (s), fields.

E'+E' =0 (1)

Then the scattered field is expressed via the magnetic vector potential and electric
scalar potential

55<7,t)=—%71<?,t>— V(1) @)
- - 7(&',1‘) ,
A(r,t)= . d 3
(r.1) ﬂosjw s 3)
O(r,t)=1/e,- jq(s" D g5’ 4)
5 4R

The current density, I, and the charge density, g, are connected through the
continuity equation:

—a—q(s’,t)+ V-1(s',1)=0 (5)
ot
In (2)-(5), 7=t — R/c is retarded time, R =l r—r’| is the distance from the source

to the observer, ¢ is the free-space light velocity; &, t are the fundamental
electric and magnetic constants, respectively.
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Next, the system (1)-(5) is discretized in a manner similar to [13]. This
discretization provides a finite difference approximation to derivatives and a
summation approximation to integrals. An appropriate testing procedure must be
applied to enforce equation (1). These topics are treated in detail in the
references. However, some points should be emphasized because they affect the
numerical stability and accuracy of computed data. Many MoM-MoT solvers
suffer from numerical instability in late time and are useful mainly for electrically
small problems due to the large computer resources required. The analytical
formulation, numerical algorithm and code implementation of our TDIE
substantially overcome these limitations.

A key point here is numerical solution of the coupled system of first-order
differential equations (2) and (5) with integral representations for the scalar and
magnetic potentials, equations (3) and (4). The system (1)-(5) is commonly
transformed to a single operator equation involving only the unknown current
[11,12,13], where numerical differentiations and integrations must be performed
on the integral kernel with unavoidable loss in accuracy. A coupled system of first
order differential equations, analogous to the telegrapher equations, is presumably
more accurate for solution with finite difference and sum approximation than an
equivalent second-order equation [14]. The idea to solve (1)-(5) numerically
through a system of integrodifferential equations leads to the published works
[12,15] where the simplest case of a PEC square plate scattering with rectangular
uniform meshing is treated. We developed further this approach to be applicable
to arbitrary PEC 3-D bodies with surface triangular meshing and RWG current
modes [16] as shown in Figure 3 for a typical Vivaldi element. The time.
dependence of the current and charge representations employs simple pulse
functions. Also, the RWG mode with delta-gap excitation is used for the feed
mode across the slot, as dépicted in Figure 3.

Computationally the effectiveness of matrix operations in the MoM-MoT scheme
depends on how topological parameters of the mesh are related to electrical
unknowns through the mesh description in the connection matrices. To this end,
some algorithm optimization can be done regarding a tradeoff of RAM usage and
CPU time. We found that a sparse matrix representation is effective in updating
computations at each time step because it provides optimal distribution of RAM
and CPU resources. The pre-computed and stored connection matrices are a part
of the output data given from a special automated mesh/mode generator based on
geometrical triangulation with the Delanay-Voronoy technique.

Inaccuracies in the numerically computed integrals (3) and (4) and finite
difference approximations in (2) and (5) have a strong negative effect on the
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stability of numerical computations in MoM-MoT schemes [15,17]. These effects
should be minimized by:

1) Accurate evaluation of the integrals in (3) and (4) using analytical techniques
[18] with separated spatial and temporal basis functions.

2) Leapfrog sampling for current/charge in time-space that gives more accurate
nested central difference approximations for derivatives [13,14].

3) Low-frequency adaptive filtering [15,17] in MoM-MoT for stabilization the
late time transient responses.

4) Prony extrapolation technique [19] for weaker late-time stability requirements
permits increasing the time step and minimizing CPU time.

Figure 4 reflects the major functional blocks of the code that was first realized in
Matlab. After validation of the method, some of the slower numerical procedures
were transformed to faster compiled Fortran modules. Currently we have a mixed
Matlab-Fortran code because Matlab is still attractive for further code
development. Also we prefer Fortran 90 that supports after compilation very
effective code for massive matrix summation and multiplication.

Specify: problem geometry
source type and its features

scanning direction

Figure 4.

Major functional blocks of Generate: triangular mesh

the developed TDIE RWG current and scalar charge modes
numerical solver for sparse connection matrixes

analysis of finite broadband

phased arrays. Compute: coefficients for updating

surface transient current and charge
distribution via main MoM-MoT loop

Determine: time-domain (transient) features
frequency-domain properties via
Fourier transform

The code has been validated by comparisons for several different structures such
as square plate scattering, flat dipoles, bow-tie antennas, round and square loops,
etc, computed by our TDIE code and other available methods, including
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frequency-domain MoM and FDTD. Very good agreement has been obtained for
all cases including simple phased arrays of flat dipoles, bow-tie arrays, etc.

Another important point for the MoM-MoT scheme is the choice of source signal
waveform. The Gaussian pulse is commonly used in time-domain simulations
[13]. Unfortunately, we found during our computations that application of this
pulse has a numerical effect similar to DC offset for PEC structures with a closed
path for current in close proximity to the source region, like around the resonator
cavity of the Vivaldi element in Figure 1. We exploit the Rayleigh pulse, which
does not have DC spectral component. Figure 5 shows a Rayleigh pulse and a
Gaussian pulse with similar spectrum coverage, but a significant DC component.

Waveforms 3 Normalized Spectra
1 T T T T T T T
e (Gayussian ; : e (Gaussian
(1 | TSRURLISPRRIL SR . 1 B R = Raleigh | R LN : w = Raleigh
: : : : ; . A .
: : ; : : 25 e 4 ‘ H

Volt

i } i I i i 1
0 1 2 3 4 5 6 7 Frequency, GHz
Time, ns

Figure 5. Gaussian and Rayleigh 1-Volt peak pulses and their spectra.

The developed code permits arbitrary beam position by introducing successive
time delays between elements in the array at their feed points and amplitude
weighting of the array can be easy implemented. Also a forward radiation
transformation can be applied to compute at the post-processing stage any
component of transient radiated fields at any spatial near- or far-range observation
point.

3. Simulation of linear arrays

Truncation effects cause elements near the edge of a phased array to behave
differently than those in the central region. These effects are the result of mutual
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coupling between array elements, which are different for central elements that are
completely surrounded by neighboring active elements, than for edge elements
that do not have as many neighboring elements. Wideband TSA arrays are
particularly susceptible to truncation effects at lower frequencies, because the
spacing between elements is of the order of 1/10 wavelength. We have begun to
explore truncation effects in TSA arrays by considering linear arrays and small
planar arrays.

We present first the limiting case of a single TSA element. The basic mesh in
Figure 6a yields good results for the antenna element in Figure 1. Alternative
meshes with slightly different cavity shapes and greater number of modes for the
unknown current and charge yield similar results, with some small differences due
to the cavity shapes (Figure 7). Note the resonance peak near 0.6 GHz for all
three cases. Also, note that the input impedance is nearly real and relatively
constant above about 1.0 GHz. The mesh of Figure 6a will be used in the array
simulations that follow.

Figure 8 shows a 5x1 linear array of dielectric-free elements like that in Fig. 6a.
The array is scanned to 45 degrees by delaying the excitations of elements 2,3,4,
and 5. That is, the beam points in the E-plane toward element #5. Figure 9 shows
the Rayleigh pulse applied to the antennas and the transient current at the feed
point of element #1. The current amplitude decays in late time, demonstrating the
stability that is typical of the TDIE method. Normalized magnitudes of the
spectra for both signals are depicted at the bottom of figure 9.

Figure 10 shows the input resistance and reactance of all five elements for the
cases of broadside and 45 degrees in the E-plane.

As expected, the element impedances differ, depending on location in the array.
For broadside radiation, #1 and #5 are identical, as are #2 and #4. For scanning
away from broadside, the impedances of all elements differ.

The data for broadside illustrate several features:

1. The resonance peak that was observed near 0.6 GHz for a single element
(Fig. 7) is evident for elements #1 and #5, but the peak values are
somewhat diminished.

2. Elements #2, #3 and #4 display a resonance at somewhat higher
frequencies.

3. The input resistances in the frequency range 0.3-0.5 GHz are larger than
for the single element. The central elements (#2, #3, #4) have higher
resistance at the lower frequencies than the outer elements (#1 and #5).
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(a)

Square cavity and

coarse mesh:

88 triangles

104 current modes

(b)

Square cavity and
coarser mesh:

104 triangles

149 current modes

()
Round cavity and
fine mesh:

175 triangles

227 current modes

Figure 6. Vivaldi element with different cavity shapes and triangular meshing.
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Figure 7. Computed input impedance for the fin elements in Figure 6 with
different mesh and shape of resonator cavity.
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Figure 8. Geometry and triangular mesh for the 5x1 linear Vivaldi array.
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#1 in 5x1 array, Figure 8, scanned at 45 degree in the E-plane.
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4. The impedance of all elements is nearly constant, nearly real, and nearly
equal above about 1.0 GHz.
Collectively, the data for this case indicate that all five elements are severely
affected by mutual coupling and truncation effects for frequencies in the lower
part of the intended operating band, which is approximately 0.3-1.4 GHz. As
might be expected, the impedances of end elements (#1 and #5) resemble the
isolated element more than do the interior elements.

The data for 45-degree scan illustrate several interesting features as well:

1. Element #1 has a resonance near 0.6 GHz that is closer in magnitude to
that of the single element in Fig. 7 than for broadside radiation.

2. Elements 2, 3, and 4 lack any appreciable resonance.

3. The input resistances in the frequency range 0.3-0.5 GHz are larger than
for the single element. The resistance of element #1 is lower than
elements 2, 3 and 4 throughout this frequency range. The resistance of
element #5 is very small below 0.4 GHz.

4. The impedance of all elements is approximately equal, relatively constant
and nearly real above about 1.0 GHz.

These data demonstrate many similarities to the broadside case, but they also
suggest that the energy sweeping across the array from right to left of Fig. 8 (to
create the beam steering) causes element #1 to be less affected by mutual
coupling than other elements. Linear arrays of parallel dipoles scanned in the H-
plane exhibit similar behavior of the end element. The increase of radiation
resistance at low frequencies is consistent with the behavior of these antennas in
very large (infinite) arrays. The element width (11.25 c¢m) is only about 1/10
wavelength at 0.3 GHz, yet in a large array, the antenna has input resistance of the
order of 100 ohms.

Additional displays of the 5x1 array data are VSWR plots in Figure 11 and
current magnitude plots in Figure 12. For broadside beam position, the high
VSWR of element #3 near 0.7 GHz and elements #2 and #4 near 0.8 GHz are due
to the resonance peaks of the impedance. For 45-degree scan, the high VSWR of
element #1 near 0.6 GHz is due to the resonance peak of the impedance.

The current distribution shows peaks at the feed points, as expected. The current
distribution on each element is skewed for scanning at 45 degrees and the narrow
conducting strip behind the slotline cavity has a large current for the scanned case,
whereas this current is relatively low for the broadside case.
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Figure 11. VSWR for all elements in the 5x1 array versus frequency for: (a)
broadside radiation, (b) 45-degree E-plane scanning.

A 10x1 linear array is depicted in Figure 13. The elements are identical to those
of the 5x1 array. The input impedances for broadside and 45-degree E-plane scan
are shown in Figure 14.

The data for broadside show:

1. The resonances for the end elements (#1 and #10) are smaller in
magnitude than the single element and have split into two peaks located
above and below 0.6 GHz.

2. The resonances of #2, #3, #5, #6, #8 and #9 are shifted much higher in
frequency than that of the single element. The resonance of elements #4
and #7 has split into two peaks above and below 0.8 GHz.

3. The resistances and reactances of interior elements are relatively large in
the range 0.3-0.5 GHz and display large variations below 0.3 GHz.

4. Above 1.0 GHz, the element impedances are nearly constant, real and
equal.

These characteristics are similar to those observed for the 5x1 array. The
differences between the central elements (#5 and #6) and their neighbors (#4 and
#7) suggest that truncation effects are still very important 3 or 4 elements away
from the edge of the array.
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Broadside beam position 45-degree E-plane scanning

Broadside beam position:: Frequency = 0.6 GHz 45.degree E-plane scanning:: Frequency = 0.6 GHz
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Figure 12. Surface current distribution in the 5x1 array shown in Figure 8.
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#0 #8 #8 # # # # # # #

Figure 13. 10x1 linear array of TSA simulated for broadside and scanning in E-
plane.

The data for 45-degree scan show similar characteristics to those observed for the
5x1 array and the 10x1 array with broadside beam. For example, element #1
looks somewhat like the single element, but with an additional weak resonance
near 0.7 GHz. Above 1.0 GHz, the impedances are nearly equal, constant and
real, but with more variations than for broadside. Compared to the single
element, below 0.5 GHz the interior elements (#2 - #9) have much larger
resistance and the reactance curves are different in shape.

Figure 15 shows the impedance versus element location in the array for several
frequencies. At the higher frequencies (1.0 GHz and above), the impedance of all
array elements is nearly equal, constant and real, as noted above. In the vicinity
of 0.8 GHz, where several of the elements display resonances, the impedance is a
strong function of location in the array. Figure 16 shows the same kind of data
for 45-degree scan. The symmetry about the array center is lost when the array
scans. The plots for 0.8 GHz in both Figures 15 and 16 show oscillations of the
impedance as a function of location in the array. However, the 10-element array
is too small to observe a significant decrease in the oscillation amplitude toward
the center of the array, which should occur when the array becomes large. Also,
the oscillations are not so evident at lower frequencies. Initial results of recent
studies suggest that larger TSA arrays create oscillations near their edges that
decay toward the center, but more study is needed to explore the nature and
significance of the oscillations in wideband TSA arrays.
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Figure 14. Input impedances of all elements in 10x1 array for broadside radiation

and 45-degree E-plane scanning.
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Figure 15. Input impedance versus element location at several frequencies for
broadside radiation.
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Figure 16. Input impedance versus element location at several frequencies for 45-
degree E-plane scanning.
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4. Simulation of planar arrays

This section contains some results on TSA arrays with planar aperture. Figure 17
depicts 3x3 and 5x5 arrays of elements like the one in Figure 1. The TDIE code
has so far successfully analyzed arrays up to 8x8 in size on a modest desktop PC.
However, the stacks of conducting fins, Figure 17, that comprise the planar array
create a parallel plate-waveguide-like structure that has high-Q (long time)
oscillations requiring careful selection of MoM-MoT parameters and stabilization
filtering [12] to obtain stable results.
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Figure 17. The 3x3 (a) and 5x5 (b) arrays of the Vivaldi dielectric-free elements.
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The input impedances of all 3x3 array elements for broadside as well as 45-degree
E-plane, H-plane and D-plane beam positions are plotted in Figure 18. Symmetry
about the central planes of the array is evident for broadside and scanning in the
E- and H- planes. The symmetry is lost when the array scans in intercardinal
planes.

In contrast to single elements and linear E-plane arrays, at the higher frequencies
above 0.9 GHz, the impedance of the array elements varies enough for broadside
and H-plane scanning to render the VSWR of some elements greater than 2,
Figure 19. Unlike the linear array where coupling is not sufficient to erase the
desirable high-frequency behavior of the single element, coupling in the planar
array causes the high-frequency behavior of several elements to be more like that
of infinite arrays, which typically exhibit strong variations near the frequency
corresponding to 0.5-wavelength element spacing.

For the linear E-plane arrays radiating a broadside beam, the central elements
displayed resonances in the vicinity of 0.8 GHz. The planar array radiating
broadside displays a similar characteristic for elements #2, #5 and #8. This
resonance was not present in the single element, so it is apparently due to
coupling from neighboring elements on the same metallic sheet. However, for
scanning in the H-plane with the beam pointing toward element #8, element #2
lacks this resonance and it is weaker in #5 than in #38.

Element #1 of the linear arrays scanned in the E-plane showed a resonance near
0.6 GHz that resembles that of the single element. For the 3x3 array, elements #1
and #7 show a similar effect, and #4 shows resonance with lower peaks there.
However, for scanning in the H-plane, elements #1, #2 and #3 do not show a
resonance near 0.6 GHz. Although the end elements of linear arrays and planar
arrays scanning in the E-plane resemble single elements, H-plane scanning creates
a different effect. For D-plane scanning, element #1 has a resonance with very
large resistance near 0.6 GHz. Note that although elements #6 and #8 are similar
for D-plane scan, they are not truly symmetrical and, thus, are not identical.

The active VSWR of the elements in the 3x3 array is shown in Figure 19 for
broadside 45-degree E-plane, 45-degree H-plane and 45-degree D-plane beam
positions. Over the range of frequencies and scan angles, many elements have
high VSWR. Overall, elements of this small array are not very well matched even
though large arrays of this element are reasonably well matched.
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Figure 18. Input impedances of all elements in 3x3 array for broadside radiation

and 45-degree E-plane scanning (continued on next page).




Input Impedance:: 45-deg H-plane

wy(Q ‘aduejsisay

Frequency, GHz

wy(Q 'sduejiesy

Frequency, GHz

Input Impedance:: 45-deg D-plane

Freguency, GHz

'
'
'
'
R S
'
§
v
'
R

wyQ 'sauelsisay

wyQ 'souejoesy

1.4 1.6 1.8

1.2

0.8

0.6

)
=
=
i
oy
Q
]
3=
50
[}
7
v
<t
S
G
>
<
5 =
s %
oma
gDy
o 5 32
= w2
Cmv
S o 2
me
03]
: g
ﬂaﬁ
“ B
o =
4.8
SI=
mo
w(c\
2 oo
g .5
c— =
- £
28
= a
O
=
0o I
— o
1]
e
=
502
L <

271




1

for Z20=100 Ohm:: 45.deg D-plane

(b

08
Frequency, GHz

06

0.4

0.2

:: broadside

(a)

Frequency, GHz
VSWR for Z}=100 Ohm:: 45-deg H-plane

VSWR for ZD=100 Ohm:

VSWR

1 12 14 16 18

08
Frequency, GHz

06

(d)

(b) 45-degree E-plane

degree D-plane scanning.

Frequency, GHz

2

plane scanning, (d) 45
272

(c)

Figure 19. VSWR for the 3x3 array: (a) broadside

scanning, (c) 45-degree H-




The active impedance and VSWR plots for the 5x5 array are shown in Figure 20
and 21, respectively. The element impedance for an infinite array is plotted with
a bold line in Fig. 20. For these computations, the numerical model has about
2000 triangles in the mesh, resulting in 2000 unknowns for the surface charge and
about 3000 RWG modes for the surface current. The TDIE solution requires
about 1.5 hours of CPU time and 150 MB RAM on a 933-MHz Pentium-III
processor. The elements do not perform well in the 5x5 array.

Some observations from the data are:

1. The impedances for broadside, E- and H-plane vary in the higher
frequency range, 1.3-1.7 GHz, more than the 3x3 array.

2. Several elements exhibit large impedance variations below about 0.4 GHz.
For broadside, these resonances are clustered near 0.3 GHz, but they are
spread more for E- and H-plane scan.

3. The single element resonance near 0.6 GHz is visible in several elements.
The particular elements that display this resonance change with scan
plane.

4. As for the 3x3 array, corner elements often differ from other elements
along the side of the array for E- and H-plane scanning. For example, #1
and #21 are the same for E-plane scan and they are similar to but slightly
different from #6 and #16.

5. As for the linear arrays and 3x3 array, the element resistance at low
frequencies is increased in the array environment, enhancing the potential
for wide bandwidth operation. However, the 5x5 array is too small to
produce good low-frequency behavior of all elements. More elements are
apparently needed to suppress the low-frequency resonances appearing
near 0.3 GHz in Fig. 20, ¢f., infinite array impedance.

The results obtained so far with the TDIE simulation agree with the findings of
[1], which showed that a dual-polarized, stripline-fed array comprised of 9x8
elements in each polarization is too small to avoid truncation effects even at the
array’s center. Holter and Steyskal [4] concluded that the array should be much
larger, perhaps 40x40. So far, the studies using TDIE simulation suggest
evolutionary trends of array performance as the number elements increases.
However, we cannot yet specify a minimum size to achieve certain performance
nor can we say how edge elements will behave in very large arrays. Among the
questions to be answered by future work is the value of “dummy” elements
around the active array.
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6. Summary

A new time-domain integral equation simulation tool has been developed to
analyze small arrays of dielectric-free TSA antennas. The TDIE simulation
displays excellent late-time stability and has begun to yield insight into the
performance of small arrays of TSA’s. Computed impedances for linear and
planar aperture arrays display some of the expected behavior, but the wideband
capability of TSA arrays results in some performance features that are not yet
adequately understood.

For the element configuration explored in this study, a single element exhibits a
resonance near 0.6 GHz. This resonance is observed for some elements in linear
and planar arrays, but often the peak values of resistance and reactance differ
from the single element values. Also, many elements display a resonance at a
different frequency, i.e., about 0.8 GHz. Planar arrays seem to behave somewhat
differently than linear arrays at the higher frequencies. Linear arrays preserve the
desirable high-frequency performance of the single element, but the additional
coupling from neighboring elements in the planar array creates more impedance
variations with frequency and from element to element in these arrays.

The data obtained so far with the TDIE simulation support the conclusion of [1]
and [4] that planar arrays of TSA must be quite large to avoid severe effects from
truncation. That is, array edges affect elements that are several unit cells away
from the edge. Further development of the TDIE simulation will allow extensive
study of finite arrays of dielectric-free TSA’s. These studies should reveal more
of the phenomenology existing in these arrays and, hopefully, permit the design of
high-performance arrays of moderate size. This capability together with the lower
cost of dielectric-free antennas should expand the range of applications for these
antennas.
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DECADE BANDWIDTH TAPERED NOTCH ANTENNA
ARRAY ELEMENT

Nick Schuneman, James Irion and Richard Hodges
Antennas/Nonmetallics Product Center
Raytheon, McKinney, TX

Abstract: This paper describes the design of a decade (10:1) bandwidth
flared notch array element, capable of +60° E-plane and +50° H-plane scan
volume. Previous researchers have demonstrated flared notch arrays with
approximately 5:1 bandwidth over a roughly +50° scan volume [1-5]. A new
design procedure is presented that allows one to optimize the combined
performance of the balun and the flared notch taper transition. The new
design technique, developed under the DARPA RECAP program, combines
full-wave analysis methods with computationally efficient equivalent circuit
models. The use of circuit models reduces the time needed to compute notch
element performance, and therefore enables numerical optimization of the
radiator. An innovative balun design, in combination with the notch
optimization technique, enables one to achieve a conjugate impedance match
between the balun and radiator that yields decade bandwidth performance.
Experimental test data, measured in waveguide simulator, is in excellent
agreement with theoretical predictions based on finite element method
(FEM) models and confirms the decade bandwidth performance.

1. Introduction

Tapered notch antennas are useful as array elements due to their ease of
fabrication using printed circuit board techniques and compact size that allows
integration into a half-wavelength array lattice spacing. These antenna elements
have been shown to exhibit large bandwidths despite their small aperture area
[1,2]. This paper presents a new decade bandwidth tapered notch array (DTNA)
with less than —10 dB return loss for a 10:1 bandwidth over a wide scan volume.
Decade band operation has been verified in waveguide simulator tests, and the
measured data agree well with computed results.

Prior to this work, printed circuit tapered notches have been designed for
bandwidths of approximately 5:1 by adjusting taper and balun parameters [3,4].
Previous efforts at the Raytheon Antenna/Nonmetallics Product Center have
yielded elements with bandwidths in the 3:1 range [5]. The strategy for this
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approach was to use an analytical taper design, such as the Klopfenstein taper
[6,7], to present a matched load impedance to the balun. When the taper
impedance is well matched, the bandwidth of the antenna element is primarily
limited by balun performance at the low end of the frequency band. However, it
is possible to design an unconventional taper that does not present a matched load
to the balun yet optimizes the element performance.

As part of the DARPA Reconfigurable Aperture (RECAP) program, the authors
have developed a new design procedure that allows substantial increases in the
bandwidth of tapered notch elements. An improved open-circuit balun design is
used that, when feeding a matched load, provides nearly 10:1 bandwidth.
Numerical optimization techniques are used to synthesize a tapered notch profile
that provides a conjugate impedance match to the balun. This approach extends
the low end of the frequency band, resulting in an antenna element for which the
bandwidth is wider than that of its constituent parts.

2. DTNA Design Method

The basic tapered notch element and a dual-polarized array of tapered notch
elements are shown in Figure 1. A tapered notch element is composed of two
major components — the balun and the notch — as illustrated in Figure 1(a). The
primary function of the balun is to provide a broadband transition from stripline to
the tapered notch slotline. The notch is essentially a broadband impedance
transformer from the stripline impedance (usually 50 Q) to free space (377 Q for
a square lattice). In Figure 2, it is shown that the DTNA element includes an
“endpiece” section composed of a dielectric transition and a radome. The
dielectric transition provides further impedance transformation from the mouth of
the notch to free space, and the radome protects the array from the environment.

Numerical optimization of tapered notch elements requires separate analysis of
the components, as shown in Figure 3. A full-wave solution of the entire
radiating element is costly in terms of solve time. However, it is possible to solve
for the scattering matrices of the balun, tapered notch and endpiece individually,
and to combine the models through a cascaded network solution. This
significantly reduces the solve time for the system, and allows for independent
design of the components. Also, additional element components can be included
in an optimization routine simply by inserting the S-matrices associated with
these components into the cascade.

A new design method, illustrated in Figure 4, has been developed to achieve
optimal element performance utilizing tapered notch network separation. First,
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the balun and endpiece are designed using a full-wave solver such as Ansoft
HESS. The balun is designed to have optimal stand-alone performance feeding a
matched load at the slotline output port. Although the general concept is well
understood, endpiece design is a trial-and-error process and several different
endpieces may be utilized before an optimal design is determined. Once a
satisfactory balun and endpiece are obtained, the notch profile is adjusted to
provide minimal element return loss over the specified band.

In addition to the network model, it is useful to view the tapered notch element in
terms of an equivalent circuit as shown in Figure 5. At the stripline-to-slotline
junction, the balun and notch appear as a parallel impedance combination. At
low frequencies, the DTNA balun is inductive while the tapered notch appears
capacitive. This suggests the possibility that notch response can be tailored to
provide low frequency tuning of the balun, similar to the behavior of an RLC
circuit. It is this property that enables the design method described above to
achieve 10:1 element bandwidth.

3. Balun Design

Design of a DTNA element begins with the stripline-to-slotline balun. To achieve
decade bandwidth element performance, a balun with approximately 8:1 stand-
alone bandwidth is required. Marchand baluns [8,9] can achieve 10:1 bandwidth,
but will not fit within the available space of a half-wavelength lattice. Other
broadband baluns, such as the Double-Y and stripline stub, have been
successfully applied to tapered notch elements with bandwidths of approximately
5:1 [2-4]. We have investigated improvements to the simple open-circuit balun
design shown in Figure 6(a) and developed several patentable features to facilitate
the decade bandwidth element performance.

The balun behavior is best understood in terms of an equivalent circuit model (see
Figure 6(b)). The cavity length Lcairy and the small length of slotline d are key
parameters that determine the performance of the balun. The parameter d must be
minimized to prevent impedance inversion of the cavity stub at high frequencies —
essentially, it is desired to place the junction as close to the cavity as possible. At
the low frequencies, Leairy is electrically small and the balun impedance is
inductive; at high frequencies, the balun impedance is capacitive and will appear
as a short where Lcayiy = A/2. To maximize transmission into the notch, the balun
cavity should approximate an open-circuit condition at the mid- and high-band
frequencies (a cavity impedance of 120 Q is necessary for —14 dB balun return
loss). At the low frequencies, the balun impedance will generally not be large
enough to provide an open circuit, but its inductive behavior can be tuned out by
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the notch capacitance. Thus, the balun design strategy is to place the mid-band
frequency — at which the cavity appears as a open-circuit quarter-wave stub —
such that the high frequency balun return loss is slightly better than the low
frequency performance.

In the mid-band, the transmission efficiency of the balun is determined by the
impedance mismatch at the cavity. The impedance looking into the cavity is
Zicar = I coviny tan(,Bme.,y) where Z .. o<W Ideally, the cavity should

cavity cavity *
provide an open circuit; in practice the goal is to make Zin cav/ Zsionine Very large.
Therefore, the cavity is made as wide as possible to increase its impedance at
mid-band frequencies. The cavity width, however, is limited by the array spacing
and the requirement to suppress cavity resonance at the high frequency end of the
band.

4. Element Endpiece

The design of tapered notch elements can be treated as an impedance transformer
problem. With that in mind, it is generally best to avoid abrupt impedance
discontinuities in the notch. Printed circuit card notches have an inherent
impedance discontinuity at the end of the notch due to the dielectric constant of
the substrate. In order to reduce this discontinuity, dielectric material is removed
to create an exponential taper that transforms the impedance from the end of the
notch to free space. An illustration of a typical DTNA dielectric transition can be
found in Figure 2.

It is also worthwhile to note that a protective radome may be included in the
DTNA design. In fact, radome layer widths and dielectric materials may be
optimized in conjunction with the element performance at broadside. However,
the dielectric taper and radome are generally modeled as a single unit in HFSS.

5. Notch Optimization

Once the best stand-alone balun and endpiece performance is obtained, a tapered
notch must be designed to yield the minimum element return loss over the desired
bandwidth. True numerical optimization of a tapered notch requires calculation
of the scattering matrix for hundreds of different taper designs. A full-wave
solution of the tapered notch, such as the infinite array FEM model, is too slow
for numerical optimization. Thus, a faster approximation of the tapered notch S-
matrix must be found to serve as the computational engine.
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The notch is fundamentally a tapered slotline, with a typical cross-section shown
in Figure 7. For a given unit cell size, substrate thickness and conductor
thickness, the slotline mode impedance is solely a function of the width w and
frequency. At broadside, the tapered notch may be characterized as a cascade of
discrete slotline segments of length &, impedance Z, and propagation constant Jij
as shown in Figure 8. The tapered notch S-matrix is very accurately
approximated by cascading individual S-matrices of the discrete slotline
segments, provided the segments are electrically small. Since the transmission
line cascade is calculated for each frequency of interest, this technique inherently
accounts for transmission line dispersion. This transmission line model provides
a much faster solution method for the tapered notch and may be used for
numerical optimization.

As described above, accurate notch solution using a transmission line model
requires knowledge of the dependence of line Z and § on both slotline width and
frequency. Thus, the impedance and propagation constant of the notch slotline
were solved in Ansoft HFSS for a range of widths (w;, i = 1...N) and frequencies
(fi, j = 1..M) and the values were tabulated for use in an optimization routine.
The HFSS slotline models represent the specific mechanical environment of the
notch — including details such as substrate materials, via placement and infinite
array boundary conditions — and therefore yield highly accurate values for
impedance and propagation constant at a given slotline width and frequency.

Optimization of the notch begins by calculating the discrete slotline segment S-
matrices using the impedance and propagation constant values interpolated from
the Z(f,w) and B(f,w) HFSS-generated slotline tables. The segment S-matrices are
cascaded to form an approximation of the tapered notch S-matrix. Once
calculated, the taper S-matrix can be cascaded with those of the balun and a fixed
end-matching piece to yield the total element S-matrix. A Nelder-Mead simplex
method [10,11] is employed to optimize the geometry of the taper by adjusting the
widths of the discrete transmission line segments w; and the length of the
segments d. The optimizer seeks a solution for the tapered notch width profile
that provides the minimum element return loss over the specified bandwidth.

6. Calculated & Measured Results

The method described above has been used to design a tapered notch element
with broadside return loss below —13 dB over a 10:1 bandwidth (1.8 — 18 GHz) in
a 325 mil square lattice infinite array (A/2 ~ 328 mil). It is worthwhile to note that
both the balun and taper separately perform poorly at the low frequency end, but
the entire element is well within return loss specifications due to the conjugate
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matching at low frequencies. The calculated broadside return loss is shown in
Figure 9. In this case, the balun has less than —10 dB return loss for a bandwidth
of 10:1 (1.8 — 18 GHz) in the stand-alone state. The addition of the optimized
taper reduces the low frequency element return loss and provides a broadside
element bandwidth of 12:1 (1.5 — 18 GHz). The DTNA scan performance is
plotted in Figure 10. The element is capable of 10:1 bandwidth for a +60° scan
volume in E-plane and a ~+40° scan volume in H-plane. Decade bandwidth
performance at wide scan angles is difficult to achieve with boresight
optimization alone. However, preliminary scan-optimization techniques have
shown that DTNA designs are capable of 10:1 bandwidth at +50° in the H-plane.

Figure 11 is an illustration of the optimized tapered notch element. The element
is built on a 40 mil Rogers 3003 substrate (¢ ~ 3) and has an overall length of
~2.45”. The “wavy” shape of the notch profile can be seen very clearly in Figure
12, which is a plot of slotline width along the length of the taper. It is interesting
to note that the length of a —10 dB Chebyshev taper is ~0.29 AL, while the
optimized taper shown in Figure 12 has a length of ~0.27 A1, and provides a return
loss below —13 dB.

A prototype of an earlier element was fabricated and tested in a waveguide
simulator to verify the infinite array calculations [12,13]. The comparison of
waveguide simulator measurements to calculated results from HFSS is shown in
Figure 13. The measured and calculated results match well, and most of the
discrepancy can be attributed to fabrication error as well as inaccuracies
introduced by the calibration technique. Also, it is important to note that
waveguide simulator data is frequency-scanned in the H-plane (see Table 1). At
the band edges, the H-plane scan angle is discontinuous which accounts for the
abrupt “jumps” in return loss data.

7. Conclusion

A practical decade bandwidth tapered notch array element has been designed.
The element maintains a return loss below —13 dB at boresight and below —10 dB
over a wide scan volume from 1.8 — 18 GHz. Experimental results of similar
elements in a waveguide simulator verify the accuracy of the numerical models.

Several improvements to previous designs were necessary to obtain decade
bandwidth performance. Numerical optimization was employed to design tapered
notches that provide conjugate tuning for an improved stripline-to-slotline balun.
In addition, a dielectric-routed taper was used to decrease the impedance
discontinuity at the radiating end of the notch. The end result was a tapered notch
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element with an unusual profile, relatively short overall length and twice the
bandwidth of non-optimized designs.

The design procedure described in this paper is applicable to a wide range of array
environments and element types. Currently, this technique is proving useful in
the design of TEM type elements such as tapered thick metal slotline and tapered
parallel plate arrays. Several high-performance array programs at Raytheon are
employing taper optimization to maximize element efficiency while meeting other
specifications such as array depth, weight and cost. For some element types,
performance over a range of scan angles has been added to the optimization

routine.
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Band | fiow (GHZ) | fhign (GHZ) Kfrow) Kfhign)
L 1.8 2.5 46° 31.25°
S 2.6 4 51° 30.3°
Low C 4.1 5.8 47.6° 31.5°
High C 5.8 8.2 51.4° 33.6°
X 8 12 49.6° 30.3°
Ku 12 18 49.2° 30.3°

Table 1. Waveguide simulator frequency bands and range of scan angles
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Radio Direction-finding for Wildlife Research
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1308 W. Main St., Urbana, IL 61801
#U. S. Army Construction Engineering Research Laboratory
2902 Newmark Dr. Champaign, IL 61821

Location of radio-tagged animals by triangulation is a widely applied
research technique, the accuracy of which is often a major concern.
Knowledge of the approximate accuracy and detection range of various types
of automatic systems is a logical prerequisite to purchase or construction of
the relatively expensive equipment required. The direction-finding
performances of a fixed (non rotated) switched array of six 3-element Yagi
antennas and of a rotated array of two 6-element Yagis, each in computer-
controlled automated mode, were compared for the same distances and
transmitter power in open surroundings free of reflecting objects. The
rotated system yielded 50% greater precision and 9 times more coverage
area than the fixed system. Human operators, using the rotated antenna
connected for a null, determined bearings about 4 and 16 times more
precisely than did the rotated and fixed automatic systems, respectively. Bias
of the mean error of the fixed system was a function of direction to a
transmitter, varying from nil to about 3° at typical signal levels and
exceeding 10° for weak signals in some directions. Biases of the manually and
automatically rotated systems were << 1° for all directions and signal levels.

Key words: Direction-finding accuracy, Radio direction-finding, Yagi antenna,
Antenna array, Bio-telemetry, Automated Direction-finding
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1. Introduction

In 1960 very small radio transmitters were attached to a cottontail rabbit and a
mallard duck, which were then tracked by direction-finding in Allerton Park, Piatt
County, and about the prairie of Champaign County, Illinois [1]. This was the
genesis of radio telemetry for wildlife research and management, now a widely-
practiced technique. Later, automatic direction finding was employed using now-
obsolete continuously rotated antennas [2,3]. Now, automatic direction-finding
equipment has been developed, involving fixed antenna arrays and
microprocessor based control and recording systems. The system must be able to
direction-find and record signal strength on a pulse as short as 15 ms repeating
once per second. The design of this system will be described, with emphasis on
the direction finding array and on the antenna arrangement on the target animal,
typically a small bird. This system has been tested for proof-of-principle and for
accuracy in operational contexts in forests and open country in Illinois, Georgia
and Panama. '

Location of radio-tagged animals by triangulation is a widely applied research
technique, the accuracy of which is often a major concern. Knowledge of the
expected range and accuracy of various types of automatic systems is a logical
prerequisite to purchase or construction of the relatively expensive equipment
required. The accuracy of locations depends on the accuracy of bearings obtained
with direction finding (DF) antennas. Pointer calibration, mapping and map
errors, the effects of and tactics for mitigating signal scattering, movement bias,
and statistical methods for making and evaluating triangulated location estimates
are well covered in the literature (see Samuel and Fuller, [4]). No references were
found that dealt quantitatively with the bearing precision of different types of
antennas at various signal-to-noise ratios.

In this study, we evaluate the effects of noise and detector non linearity on the
angular precision of two automatic systems and one manual system. Comparisons
among systems were made at a number of different signal levels (thus signal-to-
noise ratios) representing various distances to radio-tagged animals. Vertical
polarization and 302 MHz were used for all tests.

2 . Methods

A "fixed" automatic system employed an array of six stationary 3-element
Yagi-Uda antennas (Yagis) pointed at 60° intervals to cover 360°. A "rotated"
automatic system employed two 6-element Yagis mounted at the ends of a 1.35-
wavelength boom and pointed in the same direction. The antenna rotator consisted
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of a computer-controlled stepper motor driving a backlash-free gear train driving
a support mast in 0.09° steps.

A "manual" system used the antennas of the rotated system. The Yagis used in
the arrays (Lawson, [5], Table 1.4) have the directional patterns shown in Figures
la and lc.

All measurements were made over flat grassland with no reflection-producing
obstructions in any direction within 800 m. A test transmitter 300 m from the
system under test produced a field intensity similar to that of a typical animal
transmitter at close distance, i.e., about 0.7 uV into a 50-ohm (-110 dBm) receiver
input from a vertical half-wave dipole at the location and height used for the
systems tests. Greater distances were simulated by reducing the signal with a
switched attenuator. All tests were for a 16-milliscond transmitter pulse width.

The computer controlled the antenna rotation and logged the signal
strength and antenna position. The receiver employed a voltage detector, i.e., the
receiver functioned as a voltmeter. The detector output was digitized by an 8-bit
A-D converter. Hereafter, voltage levels are referred to by their digital step (A-D)
value. Over most of its range, the detector produced an average voltage
proportional to the voltage delivered by the antennas at the receiver input. At low
signal voltages, however, non-linearity was apparent as the curve flattened out
instead of passing through zero (Fig. 2). This non linearity caused biased mean
error in fixed systems. In addition, the random noise inherent in all receiver
systems produced random fluctuations of detector output voltage that for any
instantaneous reading added to or subtracted from the voltage due to the signal.
These fluctuations accounted for an increasing proportion of the measured voltage
as the signal voltage decreased, as it would with increased distance to a
transmitter or for less powerful transmitters. This random noise caused errors in
both automatic systems.

3. System Descriptions

The manual system used two 6-element Yagis spaced 1.35 wavelengths
and connected 180° out of phase for a boresight null (Fig. 1e). When provided
with a manual switch to allow selection of an in-phase connection, a pair of such
Yagis constitutes the "null-peak” antenna in common use for tracking wildlife
(peak shown in Fig. 1d).
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In the tests the operator judged the null position by ear while rotating the
antennas using the arrow keys on the computer. The computer was programmed
to rotate the antenna to a randomly chosen azimuth and then to display azimuths
with a fixed randomly selected offset. This arrangement allowed the operator to
view relative azimuth as he/she rotated the antenna but hid the true azimuth.
When the operator stopped rotation at the azimuth of the perceived null, he/she
pressed the spacebar to store the difference between measured and true azimuths
in an error file; this was repeated until a set of 25 error samples was obtained for a
particular attenuator setting. Sample sets were obtained for various attenuator

settings.

The rotated system consisted of the same pair of 6-element Yagis as the
manual system. Instead of the 180° out of phase (null) connection, a computer
controlled switch connected the Yagis so that one was phased + 90° different from
the other. This provided a peak that was shifted approximately 10° CW or CCW
from the equal-signal boresight, depending on switch position (Fig. 1f). Unlike
peak-null switching, which provides no directional cue, the beam that produces
the strongest signal indicates the direction in which the antennas must be rotated
in order to bring the transmitter in line with the boresight, a key feature for
automatic operation.

At transmitter azimuths less than 10° off-boresight, the ratio (R) of the stronger
(Vs) to the weaker (Vw) of the voltages from each beam defines an offset angle
(A) from the boresight direction according to the A(R) formula:

A(degrees) = 4.7 [ tan” (R-1)] % (1)

This empirical formula was determined from field measurements on strong
signals. The pair of 6-element Yagis was rotated under computer control plus and
minus 5.6° from the true direction to the transmitter in 0.09° steps and stopped
after each step while 2 sets of 16 detector voltage readings at 0.5-millisecond
intervals were taken by the receiver (one set for each position of the switched
beam). The 16 readings for each beam were averaged and their ratio (R) sent to
the computer where R was converted to an angle (A) using the formula given
above. An error file (n = 124) was created from the difference between A and the
true offset angle as taken from the rotator position. The above sequence was
repeated for various signal levels set by the attenuator.
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The fixed system used the antennas and automated receiver described and
tested by Larkin et al. [6]. Two 3-element Yagi antennas were mounted with their
directions of maximum response 60° apart (Fig. 1b). We refer to the direction
midway between the maximum response directions of the pair as the boresight
direction. For sources in the boresight direction, the two antennas provided equal
voltage. For any transmitter azimuth the ratio (R) of the stronger (Vs) to the
weaker (Vw) of the voltages from two the Yagis defines an offset angle (A) from
their boresight direction according to the A(R) formula:

A(degrees) =27.6 (tan™ ((.877 x (R-1))) ***", )

determined in the same way as for the rotated system described above. This
formula and the A(R) equation for the rotated system fit the relationships between
R and A to an accuracy better than 0.1°. These A(R) formulas are specific to
receivers with linear voltage detectors and to the particular Yagi designs,
spacings, and polarization tested. Different equations would be required for other
Yagi designs.

In a full fixed array, six Yagis would be used to cover 360°. Only two adjacent
Yagis are needed to test performance because the pattern repeats every 60°.
Moreover, because the patterns overlap symmetrically, the system could be
evaluated by measurements over the CCW 30° arc from the boresight direction to
the maximum of the CCW Yagi (left half of Fig. 1b).

Instead of moving the test transmitter to various azimuths, the computer
rotated the Yagis through the 30° arc in 0.09° steps. At each step the receiver
stored a set of 16 detector voltage readings for each Yagis at 0.5-millisecond
intervals during a pulse. The 16 readings for each Yagi were averaged and their
ratio (R) sent to the computer where R was converted to an angle (A) using the
equation given above. An error file (n = 330) was created from the difference
between A and the true azimuth to the transmitter. The above sequence was
repeated for various signal levels set by the attenuator. We calculated standard
deviation and mean error for the error files in 5° sectors. Analysis of 5° sectors
was appropriate because the error in this type of system is dependent on azimuth,
especially for weak signals.
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4. Results

Standard deviations of the error distributions, summarized in Table 1, show
that near the detection limit of the fixed system (-18 dB and -21 dB), SD of error
is approximately 7 times that of the rotated system. Similarly, near the detection
limits of the rotated system (-24 to -30 dBm), SD is approximately 4 times that for
the manual system. Compared in another way, the rotated system yielded 50%
better precision at 3 times the distance to a transmitter (9 times area coverage)
than the fixed system, based on the following interpretation of the data. The SD of
error for the fixed system at the -6 dB field level is 0.80°% that of the rotated
system at the -21 dB level is 0.52°. The 15 dB difference in field levels represents
a factor of about 3 in transmitter distance.

Beam-switched and human-operated peak-null systems use equal-signal
azimuths symmetrical about a boresight to determine bearing and are therefore
immune to receiver detector non linearity and can function without bias down to
the limit of detection. Along a boresight, fixed systems are also immune to such
bias, accounting for the observation by Larkin et. al. [6] (p. 66) that "DF during
range tests was unexpectedly accurate: over all distances right out to the 3.8-km
maximum distance of detection, each of the transmitters was localized with little
bias...." Although range tests along a boresight are necessary to evaluate the
maximum range of reliable detection for fixed systems, such tests are a poor
choice for testing typical DF performance as we show below.

Off-boresight, fixed systems are subject to errors that increase with weaker
signals and greater off-boresight angles. Ideally, measured ratio R is independent
of signal level, i.e., doubling the field from the source results in doubling both Vs
and Vw, thus keeping Vs/Vw (R) unchanged. Linearity of the envelope detector
of the receiver degrades for levels below about 20 (Fig. 2) where Vw will be
increasingly overestimated, thereby causing a bias that results in increasing mean
error as the field strength decreases and off-boresight angle increases. Finally,
when Vs approaches the noise level, R will tend toward 1 for any source angle
and bias toward the boresight becomes very large (lower right portion of Table 2).
This error is always toward the boresight and in our tests had positive sign
because the sectors tested were CCW (negative angle offsets) relative to the
boresight. Larkin et al. [6] (p. 67) report "angular bias away from the antenna with
the stronger signal" that was probably due to the factors we described above.

The firmware used in the automatic receiver measured noise Vn (about 9, Fig.
2) for short periods prior to and after the period during which a pulse was
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detected. For the tests, Vw was required to exceed a threshold of 2 above Vn to
be accepted as a pulse. Data likely to have large bias due to detector non-linearity
can be eliminated by using a larger threshold. A value of 5 was empirically found
to be practical during operation of the fixed system for monitoring animals. This
value precludes full use of the system in the lower-right portions of Table 2
where, however, the detection of a valid Vs and no Vw would at least indicate the
presence of a transmitter in the general direction of the peak of a particular Yagi
in a 6-Yagi array, i.e., would provide direction-finding to an accuracy of +30°.

5. Discussion

Our accuracy and distance (coverage area) comparisons among manual,
rotated, and fixed systems are for systems of similar per-unit cost, complexity,
and portability and having antenna arrays of similar size, wind resistance, and
support requirements. Although accuracy and per-unit coverage will never be
unimportant in wildlife radio-location systems, other factors that we do not
include may be important in some applications.

For instance, the fixed systems is faster at acquiring bearings, an important
factor when many animals must be located frequently; for the 1-to-70 duty cycle
typical for wildlife transmitters, the fixed system can be up to 5 times faster than a
rotated system of similar power consumption. Thus, where a speed of more than
about 3 bearings per minute is required, a compromise must be sought among
number of units (cost), per-unit coverage area, accuracy, antenna support
requirements, and power consumption. Also, a fixed antenna would probably
require less maintenance, an important consideration where units are used in
difficult to access locations such as mountain tops. Also, the accuracy advantage
of a rotated system will be less in situations with multipath propagation, such as
animals and equipment both under a forest canopy. In densely wooded habitat, the
attenuation versus distance can become high, reducing the per-unit coverage area
advantage of the rotated system.

Our comparison of the automatic systems with a manually operated antenna is
biased by two factors. First, the receiver -3dB bandwidth was 2 KHz, but for
detection of coherent tone pulses > ¢. 15 ms, the human ear-brain operates at a
bandwidth of ¢. 100 Hz, irrespective of equipment bandwidth. This c¢. 13 dB
human S/N advantage in our tests explains the better accuracy of the manual
system down to about -27 dB (Table 1). In fact, the measured advantage was a
few dB less than 13 dB because the human ear cannot compare signals as
accurately as the computer algorithm. The second bias was against the human
operator, reducing his accuracy advantage to a few dB for levels below -27 dB
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(Table 1). This result stems from the fact that the antenna had to be rotated to
equal signal positions straddling the band gap (no-signal region around the null)
and the maximum rotation speed (c. 30°/s) was so slow that comparisons became
difficult as the band gap (time between comparisons) increased with weaker
signals. Manually controlled beam switching, or provision of a handle for rapidly
skewing the antenna, either of which would have improved human performance at
low signal levels, were not tested.

Frequency drift of animal transmitters with temperature and posture places a
limit on mimimum practical bandwidth for automatic systems, but for many
wildlife transmitters and environments, a 500 to 250 Hz bandwidth could be used
with a 6-to-9 dB improvement over the results we report. A frequency search and
correction algorithm could handle the occasional drift encountered, with some
reduction in system speed.

The relative precision of DF systems at medium to low S/N may be estimated
from the patterns of the antennas they employ. The patterns for the fixed system
we tested (Fig. 1b) show equal voltages at 0° and Vw = 0.13 and Vs = 0.5 at -30°.
The difference between 0.13 and 0.5 is 0.37. Thus, as the azimuth goes from 0° to
-30°, the voltage difference increases fror zero to 0.37, a rate of 0.0123 volts per
degree. A similar calculation from the patterns of the rotated system (Fig. 1) over
the 8° arc bracketing the boresight yields 0.1 volt per degree (also see Table 3).
The ratio of these rates (8.1 = 0.1 / 0.0123) provides an estimate of the relative
precision obtainable from the two antenna arrays. Our empirical results show
differences in standard deviation of error by a factor we conservatively typify as 7
(range 6.6 to 9.9, Table 1), not much different from the 8.1 calculated above.

A comparison of the distances at which DFing can be done regardless of
azimuth may be gleaned from the ratio of the relative minimum voltages (Vw)
over the arcs that must be covered. In the example above, this voltage ratio (4.6 =
0.6 / 0.13) represents a 13 dB difference favoring the rotated 6-element antenna.
Values for other antennas are given in Table 3; their differences may be
approximated in terms of range from Table 1.

For the sake of simplicity we used volts in the above examples, but the vertical
scale of a pattern need only be proportional to volts because all comparisons are
of ratios. Engineers, however, customarily normalize antenna patterns to 1.0,
regardless of gain, and sometimes plot signal in dB or power rather than voltage.
Therefore, in estimating performance from published patterns, it will undoubtedly
be necessary to convert to volts and normalize all patterns to the one taken as the
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benchmark for comparison. Relative precision of a number of antenna arrays
(using patterns in Lawson [5], pp. 1-18 to 1-21) is given in Table 3. We
emphasize that the DF comparisons relate to error as expressed by SD and not to
bias of the mean error. The latter, affecting only fixed systems, depends on signal
level, detector linearity, and azimuth. When comparing systems, the only simple
thing we can say regarding bias of mean error is that rotated systems are
essentially immune to bias and fixed systems will always be subject to it,
increasingly so for weaker signals and larger off-boresight azimuths.

Burchard [7] described a Doppler DF system that employed a circular array of
8 vertical dipoles and reported (his figure 19.7) "fluctuations of readings" that go
from +0.4° degrees to £10° as receiver input drops from -120 dBm to -130 dBm.
These input levels correspond approximately to the -9 dBm to -21 dB field levels
of Table 1 where performance of the fixed system is roughly the same as that of
the Doppler DF system. :

Accuracy and per-unit coverage area, because they impact the quality and cost
of data, are important factors in choosing data collection systems that are optimal
for particular biological objectives. Samuel and Fuller [4], in their design section,
provide the broad perspective from which the implications of these findings may
be viewed. The present results are consistent with engineering experience and
with well-established theory [8].
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Table 1. Standard deviation (SD), degrees, and mean of error distributions, degrees, of n
samples for three DF systems at different field strength levels.
Fixed switched

Nuli-connected Rotated, beam-switched,

Field dB * 6-element Yagi, 6-element Yagi, 3-element Yagi,
(distance **) manually-operated computer-controlled computer-
controlled”

SD (mean) [n] SD (mean) [n] SD (mean) [n]
0 (300) A4l (+0.13) [330]
-3 (375) .02 (0.00) [25] .60 (+0.21) [330]
6 (470) 12 (-0.11) [124] 80 (+0.19) [330]
-9 (590) .02 (0.00) [25] 1.12 (+0.47) [330]
-12 (730) .20 (+0.20) [124] 1.43 (+1.36) [330]
-15 (920) .10 (0.00) [25] 25 (-.09) [124] 2.13 (+2.49) [330]
-18 (1150) .15 (0.00) [25] 30 (+.08) [124] 2.97 (+2.88)[220]
-21 (1425) .52 (+06) [124] 3.58 (+1.80) [110]
-24 (1750) 20 (+0.01) [25] .81 (+.03) [124] 4.05 (+1.77) [55]
-27 (2100) 28 (0.00) [25] 1.26 (-0.22) [124] signal unreliable
-30 (2500) .80 (+0.01) [25] | 1.65 (+.01) [124] signal undetectable
-33 (3000) 2.32 (+0.06) [25] signal unreliable
-36 null unreliable signal undetectable

* (0 dB = the field strength that provided 0.7 uV (-110 dBm) from a vertical half-
wave dipole at the location and height of the receiving antennas used for the
systems tests.

**  Approximate distance in meters to a 1-stage transmitter near the ground

A Data for the switched 3-element system are the average of the useful data in

Table 2.
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Abstract

In practice, accurate measurement of VHF antenna radiation patterns
can be difficult to achieve due to the presence of large multi-path reflections
in the test range. Special range geometries and source arrangements have
been devised over the years to mitigate the measurement errors produced by
test range multi-path. In this paper, we describe a computer model designed
to accurately control the influence of ground path illumination and, in turn,
reduce quiet-zone amplitude and phase variation. We use an array of dipoles
as our transmit source. Using an electromagnetic image-method approach,
we fully characterize the test range by calculating the transfer function
between the element excitations and the quiet-zone electric field. We then
use this transfer function to solve for the element excitations that produce
minimal amplitude and phase variation in the quiet zone. Our simulated
results show that when the number and locations of the array elements are
varied, reduced quiet-zone amplitude and phase variation is achievable for
several range geometries.

1 Introduction

Detecting tanks and other military targets concealed by foliage remains a
problem for both airborne and ground-based radar. One strategy for detecting
such targets concealed by the tree canopy is the use of low radar frequencies (i.e.,
VHF), since leaves, branches, and trunks become electromagnetically transparent
at long enough wavelengths. In other words, low frequency radar signals have the
potential to penetrate the tree canopy and detect large military targets. In support
of this research effort, we are in the process of designing and building a VHF
antenna test range in Ipswich, Massachusetts. Once completed, this range will be
used to test new antenna designs aimed at solving the above problem.

In practice, accurate measurement of VHF antenna radiation patterns can
be difficult to achieve due to the presence of large multi-path reflections in the
quiet zone. In this paper, we define the quiet zone as the planar spatial region for
which the amplitude and phase variation of the incoming wave front meets a
specified requirement. The quiet zone is ultimately where the antenna under test
(AUT) resides. Special range geometries and source arrangements have been
devised over the years to mitigate the measurement errors produced by test range
multi-path [1] — [3]. These approaches are all similar in that the authors are
primarily concerned with identifying the focations of scatterers in the test range in
order to eliminate or diminish the effects of these scatterers. For most outdoor
ranges, the ground between the source and the AUT is the primary scatterer. In
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this paper, we propose a method for achieving minimal quiet-zone amplitude and
phase variation that doesn’t require knowledge of the locations and properties of
individual scatterers. In fact, we fully characterize the test range by calculating
(or in real life, by measuring) the transfer function between the element
excitations and the quiet-zone electric field. In other words, all the pertinent
details of the test range (i.e., scatterers, constitutive parameters of ground, etc.) are
contained within the transfer function. We then use this transfer function to solve
for the element excitations that produce desired levels of amplitude and phase
variation in the quiet zone.

Figure 1 shows our current Ipswich range geometry. The transmit array
consists of A’half-wave dipoles operating at a frequency of 100 MHz (4 = 3 m).
The dipoles are vertically polarized to reduce the effects of mutual coupling. The
array resides on the front side of a 40-ft. (12.2-m) metal tower. (The front base of
the tower is the origin of the Cartesian coordinate system depicted in the figure.)
The separation between the transmit and receive towers is approximately 343 ft.
(104.5 m). The surface between the towers is grass and shows a slight decline
(e, a=1°). A 30-ft. (9.1-m) fiberglass tower separates the receiving antenna
from the mount in an attempt to minimize multi-path in the quiet zone caused by
scattering from the Round Building and the mount. The combined height of the
Round Building and mount is about 12 m, and thus, the center of the quiet zone is
initially assumed to lie roughly 20 m above the ground. It is desired that the quiet
zone extend 10 — 20 ft. along both the y and z dimensions (the positive z-axis
points out of the figure) with a maximum amplitude and phase variation of 0.25
dB and 5°, respectively. In this paper, we neglected the effects of the transmit
and receive towers and focused on the scattering properties of the ground. In
doing so, we were able to restrict our analysis to the xy-plane, realizing that a flat
amplitude and phase response along the y-dimension translates to an equally flat
response along the z-dimension due to the symmetric properties of the transmit
array (provided the distance between the array and the quiet zone is large
enough).

The remainder of this paper is outlined as follows. In Sec. 2, we first
present an analysis in which we show that a transmit source consisting of a single
element is inadequate to obtain desired levels of quiet-zone amplitude and phase
variation for our range geometry. We then describe our approach for calculating
the quiet-zone electric field from an Afelement transmit array and our method for
computing the element excitations that give rise to desired levels of quiet-zone
amplitude and phase variation. In Sec. 3, we demonstrate the applicability of our
approach by achieving desired levels of quiet-zone amplitude and phase variation
for several range geometries. Finally, Sec. 4 contains a summary of our findings.
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2 Method

2.1 Single Element Analysis

Consider the simplified range geometry shown in Figure 2. The xaxis
represents the boundary between medium 1 (air) and medium 2 (ie., = 0°). A
single, vertically-polarized, half-wave dipole transmitter is placed along the y-axis
at point (0, 77). The diameter of the quiet zone along the y dimension is D, and
the center of the quiet zone is located at point Q. = (%, ,)-

We use the Ipswich range specifications and let D, = 10 ft. (3.05 m), Q. =
(104.5, 20.0) m, and A = 3 m. Furthermore, the maximum acceptable quiet-zone
amplitude and phase variation are 0.25 dB and 5°, respectively. Figure 3 plots the
quiet-zone amplitude and phase variation as a function of transmitter height 7 for
the simple case of & = & (i.e., no multi-path). The darkly shaded area in each
subplot represents the vertical extent of the quiet zone, whereas the lightly shaded
area represents the limited values of 7 that are realizable for a transmit-tower
height of only 12.2 m.

As expected, the point 7 = y, represents the minimum of both variation
functions (amplitude and phase). The variation functions are also symmetrical
about the value 77 = y. Although the amplitude variation falls within the specified
limit for all values of 77, the phase variation is only acceptable for values of 7 in
the immediate vicinity of yc (i.e., the dotted line represents the phase variation
limit). In fact, if the transmit location were restricted to the height of our transmit
tower, the smallest attainable phase variation would be close to 30°. Thus, even
for the ideal case in which multi-path is nonexistent, a single element is
inadequate to meet the specified quiet-zone amplitude and phase variation criteria
for our range geometry.

The plots in Figure 4 are based on the identical range geometry described
above, except & = 88¢ (a relative permittivity consistent with water). The dotted
line in each subplot represents the appropriate variation limit. In this example, the
amplitude variation meets the requirement for several values of 7 in the lightly
shaded area. In contrast, the phase variation is larger than 5° for afl simulated
values of 7. Thus, even if the transmit tower were tripled in size, there exists no
element location for which the quiet-zone phase variation meets our specification.

These two cases clearly illustrate that a transmit source consisting of a
single element is inadequate to obtain desired levels of quiet-zone amplitude and
phase variation for our range geometry. The following section describes a
method in which an array of elements is used to control amplitude and phase
variation in the quiet zone.
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2.2 Array of Elements

The first part of this subsection describes the method we used to compute
the quiet-zone electric field for a generalized range geometry containing an A-
element transmit array. The latter part presents our method for achieving desired
levels of quiet-zone amplitude and phase variation.

Consider the range geometry shown in Figure 5. The transmit array
consists of A half-wavelength dipoles located along the w-axis and vertically
polarized in the y direction. The boundary between medium 1 and medium 2 (the
x-axis) makes angle « with the x-axis. The electric field E(x,3) at point (x, y) is
the sum of the contributions E (x,3) from each of the array elements:

N
E(x,y)= Y E,(x,y) (1)
=1

Furthermore, the electric field contribution from each element consists of a direct
and a reflected component:

E,(x,y)=Ep,(x,y) + Eg, (x,y) 2)

where the subscripts 2 and R denote direct and reflected, respectively.
In general, the field at point (x, ) due to a single radiating dipole in free
space can be expressed as:

- jkR

R

e

E(x,y)=1f(0) 3)

where I is the complex element excitation, f{6) represents the element pattern, &
is the angle from the dipole axis, K is the wave number (A/2m), and & is the
distance from the element to point (x, y). Thus, the electric field due to the direct
path signal from element nis simply:
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- jkR
e ) n

Ep(x:y)=1, f(6,)— (4)
where 6 and R are as shown in Figure 5, and
f(6,)=cos(8,) (5)

for a vertically-polarized, half-wavelength dipole. For element n, which is located
at point (£, 77), it is easily shown that:

R, =(x—¢) +(y-n,) 6)
_aly—n,
6, = tan [_—x-—fj (7)

In order to compute the reflected wave, the method of images is applied as
shown in Figure 5. Thus, the reflected wave from element n to point (x, ) is
equivalent to the direct wave from the image of element » at point (¢, 77,") to point
(% y). The reflected field, therefore, can be expressed as the following:

- jkRy,
E, (x,y)=1, f(6))% = 1) )

n

where 6’"' and ﬂ{ﬂ' are as shown in Figure 5, and I is the reflection coefficient,
which depends on angle €, and the constitutive parameters of mediums 1 and 2.
From the geometry in Figure 5, it can be shown that:

R ==V +(y-n) ©)
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;=2a+tan‘1|:y_77n} (10)

where

£ =¢, cos’ a—n,[tana +sinccos @] (11)

1. = —cosall, sina +7, cos ] (12)

If the relative permittivity of medium 1 is unity and the magnetic
permeabilities of the two mediums are equal, then the reflection coefficient for a
vertically-polarized wave incident on medium 2 from medium 1 can be expressed
as the following:

’ . 2
o)
C = r2 (13)

1% )
‘ J1_51n 4 +COSYA[E,,
r2

E

where the subscript % denotes vertical polarization, &, is the relative permittivity
of medium 2, and y is the angle of incidence shown in Figure 5 and is expressed
as:

y:z—tan" (x+¢ Jtana+y+m, (14)
2 x+¢ —(y-n)tanx

Using the Ipswich range geometry of Figure 1 (with a frequency of 100
MHz), we calculate the far zone field for a three-element transmit array consisting
of vertically-polarized, half-wavelength dipoles. The elements are equally excited
and are spaced a half wavelength apart along the y-axis at 1, 2.5, and 4 m. The

relative permittivity of the ground is &, = 9 — 3i, which is representative of soil
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having a volumetric moisture content of 15.1% [4]. Figure 6 shows the
normalized field along the ydimension from O to approximately 21.5 m at x =
104.5 m (i.e., the distance between the transmit and receive towers). Over a
desired quiet-zone diameter D, = 3 m centered 20 m above the ground, the

amplitude/phase variation is 0.55 dB/57.7° (e.g., the shaded area in each subplot
represents the quiet zone). Clearly, equal excitations do not produce acceptable
amplitude and phase variation (i.e., 0.25 dB and 5°, respectively).

However, there is a different approach based on synthesis rather than
analysis. Given a desired set of uniform field values over a set of sampling points
in the quiet zone, we can attempt to determine a corresponding transmit array.
The available degrees of freedom include the number of elements, the element
excitations, and the vertical locations of the elements. The synthesis can be
accomplished with the aid of the transfer function of the test range as illustrated
below.

Consider the set of excitations for an A-element array:

I=| (15)

where 1 is the complex excitation corresponding to element j. Given I, consider
the complex field at a set of Aarbitrary spatial locations:

E= (16)
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where Z, is the complex electric field at location i Thus, one can relate E to I via
the following matrix equation:

E=IT (17)

where T is the A(X N transfer function matrix;

T, T, .. Ty
r=|f T2 T (18)
TNI TN2 TNN

where 7, represents the electric field component at spatial location i due to
complex excitation j, for I= 1. In other words, T represents the transfer function
between the element excitations and the electric field at A spatial coordinates.
Once T is available, one can solve for the complex element excitations given E
via the following:

I[=ET" (19)

where T"' represents the inverse of matrix T.

Applying this method to our particular problem, we can specify a uniform
electric field at A equally spaced points within the quiet zone and compute the
corresponding excitations. Using these excitations, we then compute the electric
field at aff points within the quiet zone to determine if the amplitude and phase
variation are acceptable.

The major benefit of this approach is that the transfer function
characterizes the entire test range, including the distance between the transmit and
receive towers, the inter-element spacing of the source array, and the reflective
properties of the ground medium. In other words, the entire test range geometry
can be treated as a black box. Furthermore, the transfer matrix is easily calculated
or measured in practice, and the computation of the element excitations involves a
simple matrix inversion (for relatively small values of A).
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The above method was applied to the same range geometry as for Figure
6. The open circles in each subplot of Figure 7 denote the spatial locations within
the quiet zone for which the electric field was specified to be uniform. These
points are equally spaced and include the lower and upper boundaries of the quiet
zone. The desired phase of the field at each point was set equal to 0°, and the
desired amplitude was set equal to A_x E, where E  is the field magnitude
produced by a unit magnitude transmit current, i.e.

E, =|T},|-1 (20)

Under normal conditions, this “normalized” field value should lead to
synthesized element currents of roughly unit magnitude on the transmit array.

Figure 7 shows that the resulting quiet-zone amplitude and phase variation
(0.0948 dB and 1.39°, respectively) are well within the specified limits,
demonstrating the validity of this synthesis approach. However, they are
achieved at the expense of very large excitations, since |I| = 78, |1| = 188, and |I]
= 127. This concern is addressed in the next section.

3 Results and Discussion

Using the above synthesis method, we computed the achievable quiet-zone
amplitude and phase variation as a function of A’and the inter-element spacing of
the transmit array (see Figure 8 a and b). Figure 8c represents the corresponding
maximum array element excitation magnitude. The transmit array is located
along the y-axis, and the first element is fixed at y = 1 m. The location(s) of the
remaining element(s) depend(s) on Al and the inter-element spacing. Since the
transmit tower is of finite height, the maximum allowable inter-element spacing
decreases with increasing Al R = 104.5 m, and ¢, =9 - 3i. The shaded region in
the top subplot represents acceptable values of amplitude variation (i.e., < 0.25
dB). All computed phase variation values fall within the specified limit (i.e., <
5°).

It is clear from the figure that both the amplitude and phase variation
decrease with increasing A, whereas the maximum array element excitation
magnitude increases with A Slightly less obvious is a tendency for all three
quantities to decrease with increasing inter-element spacing. According to the
figure, the minimum number of elements that will meet the quiet-zone amplitude
variation criterion is A= 3. For such an array, the maximum, array excitation
magnitude is always greater than 30. Thus, again, acceptable quiet-zone
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amplitude and phase variation are achieved at the expense of large excitations.
Considering that the quiet-zone field is normalized, these large excitations imply
the cancellation of very large fields from the individual elements in order to meet
variation requirements.

Figure 9 offers an explanation for these large excitations. In the far zone,
the transmit array can be modeled as a point source positioned at the origin of a
coordinate system, and the dotted circles represent the resulting far-field spherical
wave front. Two possible locations for the quiet zone are denoted by A and B (A
and B have the same x-coordinate, but different y-coordinates). As seen, location
A inherently leads to a phase variation, which is very difficult to suppress and
requires large currents. Location B inherently yields a relatively flat phase, since
the direction of propagation is perpendicular to the quiet-zone.

In general, one can relate the process of trying to achieve minimal quiet-
zone amplitude and phase variation as being analogous to “flattening” the
spherical wave front for a particular region of space. For the current Ipswich
range, the quiet zone is defined at a higher y-coordinate than the transmit array
(corresponding to Figure 9, case A). The analysis presented in Sec. 2A (Figure 3) |
also demonstrated that minimum quiet-zone amplitude and phase variation occurs
when the height of the transmitter and the quiet-zone center (Q,) are equal
(corresponding to Figure 9, case B).

Figure 10 shows the same data as Figure 8, except that now the quiet-zone
location varies as a function of inter-element spacing such that the y-coordinates
of the transmit array center and Q. are always equal. By aligning the quiet zone
with the array center, all three quantities (amplitude variation, phase variation,
and maximum array element excitation magnitude) decrease. Note that the
minimum number of elements necessary to achieve acceptable quiet-zone
amplitude and phase variation has decreased from 3 to 2. The corresponding
excitation magnitudes for a two-element array are only slightly greater than unity
for large inter-element spacings.

Thus, the results of this analysis suggests that, although it is possible to
design a transmit array that will produce acceptable quiet-zone amplitude and
phase variation for the geometry of Figure 1 (where the transmit array and the
quiet zone are not aligned), the corresponding array excitation may not be
practically realizable. By aligning the array and quiet-zone centers, we are able to
reduce the number of array elements and the excitation becomes much more
realistic.

Finally, we computed the quiet-zone amplitude and phase variation and
the maximum array element excitation as a function of A and inter-element
spacing for some additional ground permittivities and quiet-zone sizes.
Considering the results of the previous section, we aligned the transmit array
center with Q. for each computation in order to achieve minimal quiet-zone
amplitude and phase variation. In each of the following cases, we started with the
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range geometry of Figure 10. We then varied one parameter at a time (i.e., either
g, or D) to determine its effect on the quiet-zone amplitude and phase variation
and the maximum array element excitation.

The first analysis varied the relative permittivity of the ground, &, (Figures
11a — 11d). These plots cover a wide spectrum of ground reflective properties.
Figure 11a represents a range geometry for which there is no multi-path (g, = 1).
Figures 11b and 1lc represent ranges for which the ground medium is lossy.
These particular values of €, (3 - j0.5 and 16 - j7.7) correspond to soil mediums
that have volumetric moisture contents of 4% and 28%, respectively [5, Mid-
range values of permittivity are chosen from scatter plots of data]. Figure 11d
represents a range for which the ground is highly reflective. A relative
permittivity of 88 corresponds to water.

Note that all computed values of quiet-zone amphtude and phase variation
are acceptable in this analysis, except for the case in which ¢, = 88 (i.e., the
shaded region in the top subplot of 11d represents acceptable values of amplitude
variation). And even for this case, there are only a few points at which the ‘
amplitude variation is unacceptable (i.e., for a 2-element array with relatively
large inter-element spacing). For all values of &,, the quiet-zone amplitude and
phase variation decrease with increasing A, The maximum array excitation
magnitude increases with A(in all plots, except for the case where € = 1. It seems
that the absence of multi-path has had the effect of switching the order of the A(=
3 and N = 4 curves. There is a general trend across &, and A for excitation
magnitudes to decrease with increasing inter-element spacing. The shapes of the
amplitude and phase variation curves vary as a function of ¢,, but not with any
discernable pattern. This implies that the constitutive parameters of the ground
medium have an unpredictable effect on the quiet-zone amplitude and phase
variation as a function of Al and inter-element spacing; however, our method is
able to find several acceptable array configurations for each value of &,.

The second analysis varied D, Figures 12a — 12d represent D, values of
10, 20, 25, and 30 ft. (3.05, 6.10, 7.63 and 9.15 m), respectively. As in the
previous analysis, the quiet-zone amplitude and phase variation decrease with
increasing A; and the maximum array element excitation magnitude increases
with a for all values of D. And there is a general trend across D, and N for
excitation magnitudes to decrease with increasing inter-element spacing. Note
that the quiet-zone amplitude and phase variation get progressively worse for
increasing D, but the general shapes of these variation functions do not change as
a function of D, This is not surprising, since the results of the previous analysis
suggest that the shapes of these curves depend on the constitutive parameters of
the ground. Also note that while several array configurations will yield
acceptable quiet-zone amplitude and phase variation for D, = 10 or 20 ft., there
are limited array configurations available for ©, = 25 or 30 ft. In fact, the

319




minimum number of required array elements for the larger values of D, is three,
and the corresponding excitation magnitudes are relatively high.

Altogether, these results suggest that 2, should be less than or equal to 20
feet. In addition, one should choose an array configuration for which A’= 2 and
the inter-element spacing lies somewhere between 2 and 2.5A. Such a
configuration ensures acceptable levels of quiet-zone amplitude and phase
variation, as well as excitation magnitudes that are close to unity for a wide
spectrum of range geometries.

4 Summary/Conclusion

In this paper, we developed a computer model for a VHF antenna test
range with an array of antennas as the illuminator. Ground reflections are
modeled by simple image theory. We described a synthesis approach that utilizes
the degrees of freedom inherent in an array of antennas to achieve the desired flat
amplitude and phase variation in the quiet zone. Our simulations verify the
applicability of our computer model for several range geometries and array
configurations. The following is a summary of our findings:

. A transmitter consisting of a single element is inadequate to
obtain desired levels of quiet-zone amplitude and phase variation
for our range geometry.

o The transfer function matrix characterizes the entire test range,
including the distance between the transmit and receive towers,
the inter-element spacing of the source array, and the reflective
properties of the ground medium. Furthermore, the transfer
matrix is easily calculated or measured in practice, and the
computation of the element excitations involves a simple matrix
inversion.

. The range geometry of Figure 1, where the transmit array “looks
up” at the quiet zone is non-optimal and requires exceedingly
large array excitation currents. The optimal configuration is
when the array center is aligned with the quiet-zone center,
which greatly reduces the required number of array elements and
current magnitudes.

o Array configuration properties:

- The quiet-zone amplitude and phase variation decrease
with increasing A’ (number of array elements).

- Element excitations increase with increasing A(

- Element excitations decrease with increased element
spacing.
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. Altogether, the results presented in this paper suggest that the
quiet-zone diameter should be less than or equal to 20 ft. (with
quiet zone and array center aligned). In addition, we should
choose an array configuration for which Al = 2 and the inter-
element spacing lies somewhere between 2 and 2.5A. Such a
configuration ensures acceptable levels of quiet-zone amplitude
and phase variation, as well as excitation magnitudes that are
close to unity for a wide spectrum of range geometries.
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CONFORMAL ARRAY CONTROL USING
DIGITAL BEAMFORMING
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Sensors Directorate
Antenna Technology Branch, AFRL/SNHA
80 Scott Circle, Hanscom AFB
01731-2909

Abstract

Conformal phased array antennas present unique control challenges due to their
curvature. In this paper, we present methods used to control the array radiation patterns of a
conformal belt-like array that wraps completely around the cross-section of an aircraft wing from
leading edge to trailing edge, and back. The cross-sectional shape of this wing is significant to
ongoing programs within the Air Force because it has been designated as the representative
airfoil for the Air Force Research Laboratory's SensorCraft air vehicle concept. The conformal
array designed for this airfoil contains 116 C-band microstrip patch elements, it is receive-only,
and it is capable of scanning 360° in elevation. While scanning is currently accomplished in
only one plane, the array is canonical in the sense that it represents the single plane scanning case

“of a wing completely covered with array elements. Digital beamforming is used to control the
array patterns because conventional constrained feed networks do not satisfy path length
equivalence conditions for this unusually shaped array, and because multiple beams and adaptive
nulling will eventually be implemented in this prototype array. Measurement of the resulting
array patterns is a three step process involving the measurement of each element antenna pattern,
in situ, followed by the application of a new multi-sector calibration technique to remove
channel mismatches around the wing, and finally, the array patterns are formed using array
pattern synthesis techniques based on the method of alternating projections.

1.0 Introduction

In this paper, we present methods used to design a conformal belt-like array that wraps
completely around the cross-section of an aircraft wing. The array is a single ring, comprised of
116 linearly-polarized microstrip patch antenna elements, which wraps above the wing from the
leading edge to the trailing edge, and below the wing, from the trailing edge to the leading edge.
Methods and results are presented for the design and first-order theoretical analysis of this array
and its elements. An experimental prototype of this array has been fabricated at C-band. At the
time this paper was written, out team was in the process of measuring the radiation patterns for
each of the elements in the array, but that phase of the experiment had not yet been completed.

Conformal arrays of this type are of considerable interest for military applications, and
therefore, they must operate in hostile electromagnetic environments. Simultaneous multiple
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beams and adaptive nulling are functional requirements that will eventually be demonstrated
with this experimental conformal array. We have implemented digital beamforming (DBF) [1],
[2] in hardware, as a means to generate and control the array's radiation patterns. In this paper,
we describe the performance of the DBF hardware channels, the data acquisition process, and the
benefit of using DBF to selectively activate only portions of the array to achieve improved array
performance. Also presented, are methods for conformal array calibration and conformal array
pattern synthesis. Once the complex-valued element patterns have been measured for every
element in the array, the element pattern data will be processed using the conformal calibration
and array pattern synthesis methods, described herein, to produce far field array patterns, which
we plan to present in a future paper.

2.0  Overview of the Experiment

The objectives of this experiment are three-fold. First, we set out to characterize the
electromagnetic behavior of a 2-D conformal array with significantly variable rates of curvature.
It was expected that this would result in the theoretical prediction and experimental observation
of a number of conformal array effects, such as non-uniform array gain due to variable projected
aperture, endfire behavior from the edges of selectively activated portions of the array, and
significantly dissimilar element patterns due to variations in mutual coupling as a function of
array curvature. Second, we sought to develop suitable methods to calibrate the conformal array
to remove the effects of mutual coupling and to minimize channel-to-channel mismatches in the
DBF receivers and digital hardware. Third, we aimed to develop DBF algorithms for conformal
array pattern control which optimize the array pattern characteristics as a function of selective
element activation and scan angle.

2.1  Antenna Design Process

As described in detail in Section 3, the microstrip patch antenna elements used in this
experiment are narrowband, linearly polarized (E-plane) elements, designed to have peak
radiation performance at about 5.45 GHz. The elements were designed using a commercial
method-of-moments electromagnetic solver code that computes the impedances and mutual
coupling of curved patch elements arranged in an array on a circular cylindrical. The use of this
code was an improvement over previous techniques, but it is still an approximation, albeit a
better one than earlier planar-element approximation approaches. Afier an iterative design
process that was based on certain performance assumptions and design trade-offs, the elements
were designed to have identical dimensions and periodic spacing along the surface of curvature.
Once the element locations were determined, the array design was considered complete and the
antenna analysis was initiated. At the same time, the prototype wing went into production at our
local machine shop, and other members of the team initiated their work on developing methods
and algorithms for conformal array calibration and conformal array pattern synthesis.

2.2  Wing Section Fabrication Process
The airfoil studied in this work is significant to ongoing programs within the Air Force.

Tt has been selected as the representative airfoil for the Air Force Research Laboratory's (AFRL)
SensorCraft air vehicle concept. SensorCraft is a "concept car” for high altitude, multi-mission
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intelligence, surveillance, and reconnaissance systems of the future. SensorCraft serves as a
point design for a wide variety of technology development programs conducted by four of
AFRL's technical Directorates, including the Sensors, Air Vehicles, Propulsion, and Materials
Directorates. The airfoil is designated FX72-MS-150B, and its design data was generously
provided by the Air Vehicles Directorate at Wright-Patterson AFB.

In an effort to accurately fabricate a scaled section of the wing, the FX72-MS-150B
airfoil geometry data was imported into Autocad-2000, where it was scaled, and spline curves
were generated to smoothly fill in the curvature between the known design data points. This was
the first step that introduced a degree of approximation to the design effort, because the actual
shape of the wing was locally approximated using small arcs with derivative matching at the
endpoints of consecutive arcs. The spline data was then transferred to our machine shop at
Hanscom AFB, which is operated by AFRL's Space Vehicles Directorate. There, machinists
imported the spline data into a large "Hurco" numerically controlled milling machine. Four
identical wings ribs were produced on the milling machine from 0.5 inch thick aluminum plate
stock. These were welded to 1 x 1 inch square tubular aluminum crossbars, which formed the
framework of the wing. A machine-rolled aluminum skin, 0.032 inch thick, was tightly wrapped
around the wing framework and riveted into place, forming the completed wing section, which is
shown in Fig 1. |

2.3  Antenna Analytical Processes

Two distinctly different analytical approaches were adopted in our attempt to develop an
accurate 2-D electromagnetic model of the radiation characteristics of the conformal wing array,
and to control and optimize its array radiation patterns. The first method, which is briefly
described in Section 4, relies on a sound electromagnetic theoretical development that uses the
mutual coupling and active impedances of the elements to form a scattering matrix relation. This
is used to compute a set of element excitations that include mutual coupling effects. The
excitations are then applied to either calculated or measured element patterns to compute the far
array field pattern. Using this method, predicted far field array patterns were calculated for a few
representative cases using only the first 10 to 15 elements above the leading edge of the wing.

The second analytical method, described in Section 7, is an iterative approach based on
the method of alternating projections. This technique uses complex-valued element patterns to
iteratively compute a set of element excitations and synthesize a far field pattern that satisfies a
set of spatial constraints in the shape of the desired far field pattern. In this paper, far field array
patterns were computed using this method for a few representative cases where only the first 10
to 15 elements above the leading edge of the wing were active.

By virtue of its far field constraints, the second technique is shown to generate excitations
that defeat some of the undesired end-fire effects that appear to result from the endmost elements
of selectively activated groups of elements in the conformal array. Such effects were observed
using both analytical techniques. Complete detailed discussions of these two methods would
require separate papers for each, and therefore, will not be given here. It is anticipated that
papers describing these methods will be written in the near future.
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2.4 Antenna Measurement Process

Experimental measurement of the far field array patterns is a three step process involving
the measurement of each complex-valued element pattern in the full array environment, followed
by the application of a new conformal array calibration, and finally, application of an appropriate
far field analytical method, such as the two described above. The conformal calibration method
is designed to remove RF and digital channel mismatches that vary slowly over time. Although
the method of alternating projections is shown to compute reasonable array patterns without any
prior array calibration, other digital beamforming algorithms will be implemented and tested on
this conformal DBF array testbed which may require calibrated channels. The process of taking
accurate complex-valued element patterns for 116 elements is a challenging task. In section 5,
we describe the RF and digital hardware, and briefly, the impact of channel-to-channel mismatch
on the array patterns.

3.0 Antenna Element and Array Design

The design of a microstrip antenna array conformal to the wing of an aircraft presents
new and interesting design challenges. The size and complex geometry of the wing does not
lend itself to conventional microstrip design, analysis and fabrication techniques, which are
generally restricted to small, planar microwave circuits or larger, periodic structures. Since the
development of new analysis and fabrication techniques was beyond the scope of this project,
new methods of applying conventional techniques, typically used to design and build large
conformal arrays, had to be found and applied to this conformal wing array. '

3.1 Geometric Considerations

While there are many commercially available CAD programs that can be used for
antenna design and analysis, most of these are method-of-moments techniques that apply only to
“2.5-D” multi-layer planar geometries. Finite element codes can be used to analyze small 3-D
antennas or larger periodic arrays, but computational requirements restrict their use in analyzing
large, irregular structures such as the wing array. A newly developed method-of-moments code
can be used to analyze microstrip patch arrays on cylindrically curved structures, but methods do
not yet exist for analyzing large arrays on large, arbitrarily curved surfaces. Without developing
new techniques, the wing shape must be approximated by geometries that can be analyzed with
existing codes. Since the wing was fabricated by approximating the wing spline with small arcs,
a cylindrical method-of-moments approach was selected for the design of the array.

The large size and irregular shape of the wing also presents problems for the array
fabrication process, with a resulting impact on antenna design. Typical microstrip arrays are
etched onto planar substrates using printed circuit techniques. Thicker substrates are desirable
for both ease in processing and, more importantly, for antenna performance. The bandwidth of
microstrip patch antennas is inherently narrow and decreases rapidly with a reduction in
substrate thickness. Ideally, a conformal array would be constructed by molding a thicker
microwave substrate into the shape of the wing and depositing the copper circuitry onto the
substrate's surface. Unfortunately, techniques for processing microwave circuits on large,
irregularly shaped surfaces do not yet exist. Therefore, the array had to be fabricated on thin,




planar substrates that could be folded around the sheet metal structure of the wing after the
circuit was etched. In order to wrap around the tight curvature at the leading edge of the wing,
thin substrates must be used, thus limiting the bandwidth of the antenna. Although a multi-layer
antenna could be used to enhance the bandwidth, we determined that a single layer design was
acceptable for our initial prototype demonstration.

3.2  Conformal Microstrip Patch Design

In this experiment, the primary design requirement for the radiating element was that it
must maintain a low profile, conformal to the wing contour. The microstrip patch was a logical
choice for such an antenna element. A single layer, microstrip-fed patch element was selected.
for the initial demonstration to simplify the modeling and fabrication of the array. A multi-layer,
aperture-coupled patch would be a good candidate for improved performance in future designs.

The conventional approach to designing a patch radiator on a curved surface is to use a
planar method-of-moments technique for an initial design and then do an iterative “build and
test” process until the radiator has the desired properties. For highly curved surfaces, the antenna
characteristics can be significantly different from the planar case and many iterations may be
required to get a good design. Although not ideal, this works reasonably well for small antennas
on a surface with constant curvature, such as a circular cylinder. However, for the wing antenna,
the radius of curvature varies considerably across its surface, from less than half a wavelength at
the leading edge of the wing to more than 1000 wavelengths on the flattest portions of the wing.
Since each patch has a different local radius of curvature, they will each have different radiation
and impedance properties. Clearly, an iterative process for each of the 116 radiating elements on
the wing is not feasible, so improved analytical techniques are required.

A newly developed electromagnetic simulation computer code, CyMPA (Cylindrical
Microstrip Patch Analysis), can be used to rigorously analyze microstrip patch arrays that reside
on circularly cylindrical structures. The CyMPA program was developed by the University of
Zagreb under the Window-on-Science program, [3]. The code has been tested by SNH on a
variety of cylindrical antenna arrays. As shown in Fig. 2, the program predicts the variation of
antenna input impedance as a function of changing radius of curvature. This variation in input
impedance is a critical factor in the design of the radiating element for the wing array. For best
performance of the array, the radius of curvature at each patch along the array should be
individually calculated and the patch should be matched to the impedance for that radius of
curvature. However, this complicates the fabrication process, since each patch would have
different dimensions and a different feed line impedance. For simplicity in fabrication, it is
better to use a single patch and a single feed design for all elements in the array. However, given
the narrow bandwidth of the elements (~1%), variations in the input impedance could have a
negative impact on overall array performance, so a careful design was needed. The element was
designed and optimized for a single moderate radius of curvature and CYMPA was used to
calculate the performance of the element design at the lowest and highest radii of curvature on
the wing. The final element design was selected to ensure that element performance remained
acceptable for all locations on the wing. The element design and return loss measurements are

depicted in Fig. 3.
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3.3  Array Design and Simulation

Although a single patch design is a reasonable starting point for the array design, the final
design must be done with the patch in the array environment, so the effects of mutual coupling
between elements are included. This aspect of the design is considerably more complicated that
the individual element design. While the local curvature at an individual element location can be
considered a reasonably close approximation to the curvature of a circular cylinder, the
relationship to neighboring elements varies considerably from the cylindrical shape, particularly
in areas where the curvature is rapidly changing. Even where the nearest neighboring elements
maintain a reasonably close approximation to the cylinder, the farther out elements generally do
not approximate as well. This makes it difficult to accurately model the effects of mutual
coupling in the array.

Since polarization was not a critical parameter in the array design, the array configuration
was chosen to minimize mutual coupling between the elements. Although an H-plane
configuration typically gives lower mutual coupling, in this case the patch dimensions and array
spacing were such that the E-plane configuration gave better performance. Since an “exact”
solution for the mutual coupling could not be obtained, the CyMPA program was run for -
different radii of curvature and with different numbers of neighboring elements on the cylinder.
These results were used to determine a final element design that would give acceptable
performance across the wing surface. The layout of a single panel in the array is shown in Fig. 3.

There are several limitations to the CyMPA program which may have an impact on the
final array performance. One limitation is related to the size of the cylinder that can be analyzed.
As the cylinder radius increases, the number of modes required in the analysis increases, and this
increases the computational effort required to run the program. For cylinder radii greater than 20
wavelengths, the computational load is significant and the results become a close approximation
to the planar case, with little variation as the radius increases. Therefore, for the wing analysis,
any elements with a radius of curvature greater than ~18 wavelengths were considered to be
essentially identical, with a maximum radius of curvature of 100 cm used in the final array
analysis. A potentially more significant limitation to the CyMPA analysis occurs on the rear,
bottom surface of the wing. Here the surface curves slightly inward, so that the radiating
elements appear to be on the inside surface of the cylinder, a configuration which cannot be
analyzed by the CyMPA program. However, since the surface in these locations is very close to
planar, these surfaces were treated as a large radius cylindrical surface with the maximum radius
of 100 cm. The effect of these limitations to the CyMPA program will only be known when the
complete array is measured.

4.0  Array Pattern Prediction

In this section, an electromagnetic analysis is developed, to first-order approximation, for
the far field pattern performance of the conformal wing array. It is based on the use of predicted
element patterns which were calculated using the CyMPA method-of-moments code that treats
conformal microstrip patch antenna elements as if they reside on a circular cylinder. The code
calculates mutual coupling between an array of elements on the cylinder. The mutual coupling
results are used here to approximate the mutual coupling that exists between the curved patch
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elements that reside on the wing surface. The approximation lies in the fact that the wing surface
is not a circular cylinder, but is a surface of variable curvature.

4.1 Theory

As previously described, a conformal ring array of 116 microstrip patches was wrapped
around the wing , as shown in Fig. 4. We define a global coordinate system (X, y, 2) with the
origin of the coordinate system located at the center of mass of the wing. We then define alocal
coordinate system (Xp, Yn, Zs), whose origin is centered at the phase center of the n" element.
With respect to the global coordinates, the elements are located at r',. The observation point is
defined by r = r,r, where r, is the unit vector in observation direction. Because the wing

_geometry can cause creeping waves, and since many of the elements may face away from a
particular scan angle of interest, we choose to selectively activate, only a sector of N elements at
any time to form the far field array pattern. The excitation coefficients, ¢, , which represent the
total voltages at the element ports are

Cn=an+by=|cn| e’ )

where a,and b, are the voltages of the incident and reflected signals at the array element
terminals, and n= 1, ..., N denotes the element index. Each element is characterized by its

complex element field pattern
en (6, ¢)=|en(6,9)] &P (2)
where the angles 6 and ¢ define the far field observation point in spherical coordinates.

The gain patterns of the conformal array with variable curvature were computed taking
into account, in the first order, the array curvature and mutual coupling effects. This is done by
approximating the local array geometry with a corresponding uniform circularly cylindrical
array. The conformal wing array gain is computed from

N 9 .0, ), 9’ Jhryer,
G0 =n Ze e ,,¢N)e( ¢ 6

40 Zn:l Ia” |2

where e, are the field element patterns of the uniform circularly cylindrical array with both
radius and array parameters chosen to correspond to the local geometry of the conformal wing
array at element n. In (3), Z is the characteristic impedance of the element feed lines, and &=
376.7 Q. To produce a beam in the ( 8o = /2, ¢o) direction, the phase of ¢, must equal

On=- kr,’,-ro— Wn(eo=¢o) (4)

The magnitudes of the excitation coefficients | ¢, | are variables that depend on the requirements
for the far field array patterns. For example, if all | ¢, | are chosen to equal unity, then for large
radii of curvature, the results are similar to the planar array case, where the peak sidelobe level is
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approximately 13 dB below the peak of the main beam. If a specific radiation pattern is desired,
then the | ¢, | coefficients may be determined using any array pattern synthesis techniques for
curved arrays. One method that we investigated is the method of alternative projections, which
we discuss for the case of this conformal wing array in Section 7.

There is, however, one special set of | ¢, | coefficients which gives maximum gain.
Namely, it is well known that in the planar arrays, maximum gain is achieved when the array
elements are fed with signals of equal amplitude and uniform phase progression. By analogy,
the maximum gain of a non-uniform conformal array can be obtained if the array excitation
coefficients are proportional to the complex element (field) pattern values in the main beam
direction, and have a phase factor that accounts for the different element propagation paths to a
common phase front [4].

With a known desired voltage excitation column vector [¢] = [¢, €2, ..., Cns .. cy], we can
determine the required incident signal voltage column vector [a] =[a}, az, ...  Gns ... a), that
includes mutual coupling effects, using the following matrix equation,

la]= ]+ [SD"'[e] )

where [1] is the identity matrix, and [S] is the scattering matrix of the wing array. The scattering
matrix was obtained by approximation using the CyMPA code for a circularly cylindrical array
of microstrip patches. Thus, in the computation of the wing array's far-field, mutual coupling
effects are taken into account, in an approximate sense, by inserting the theoretically predicted
active element patterns of a circularly cylindrical array into the conformal wing array
environment. The same is true for the calculations of the required excitations, which are
performed using the scattering matrix of the selectively activated sector of the wing array. Note
that once the complete set of 116 complex-valued element patterns has been measured, this
analysis will be used with the measured data, and the accuracy of this analysis should improve
since the element patterns would no longer be approximate.

4.2 Results

As an illustrative example, we consider the case when only the first ten array elements
are active, while all other array elements are terminated with 50 Q matched loads. The selective
activation of elements 1 - 10, which are located on the top of the wing near the leading edge, is
illustrated by the darker dots in Fig. 5. The elements are periodic along the arc-length of the
wing surface, and they are excited with unity amplitude and phased according to (4) to produce a
beam in the forward direction (¢ = 180°). Thus,|c,|=1,and n=1,2,..,N=10, wheren=1
corresponds to the leading edge element.

Active VSWR is shown in Fig. 6, where it may be seen that half of the array elements
near the leading edge are very well matched while the elements further from the leading edge are
not matched as well, but still have VSWR below 2:1. Fig. 8 is an enlarged scale version of Fig.
7, which show the magnitudes of the required incident voltages | a, |. It can be seen from Fig. 8,
that | a, | are not equal, and this is because of mutual coupling. Furthermore, note that even if a
few of the elements in the passive region (1 1<n< 15) are not selected to be active radiators, they
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too must be fed with proper a, in order to maintain | ¢, |=1forn=1ton= 10, and | ¢, | =0 for
the rest of the array elements in the wing array. In a practical array design, where an amplitude
taper is usually imposed across the aperture, the edge elements are weakly excited, and for all
practical purposes, the requirement just described may be neglected.

Fig. 9 and Fig. 10 show the element magnitude and phase patterns, respectively, for the
leading edge element, n = 1, and for the n =7 and n = 10 elements. Their respective local radii
of curvature are: R, = 0.05 m, R; = 0.62 m and Rjo = 0.93 m. The significant differences in the
element magnitude patterns, as well as the difference in the element phase patterns, is attributed
to the different local radii of curvature. In planar array designs, it is desirable to have minimum
variation in element pattern magnitude, but the element phase pattern variation is irrelevant as a
function of angle, as long as they are the variation is the same for all elements. In a practical
conformal array design, even though the smooth and wide element magnitude pattern is
desirable, it is crucial to know the element phase pattern w,,(eo,¢o) for every array element. The

reason is that unlike in planar array case, each element in a conformal array sees the observation
point from a different angle with respect to its local normal, and consequently the element phase
values in direction of the main beam must be known. This is required in order to define the
phase of the excitation coefficients &,, given by (4), so that all element field contributions
constructively add in the same direction. Any element phase pattern error directly translates into
an excitation error which results in higher sidelobes.

The array radiation pattern is shown in Fig. 11, where ten leading edge elements are
phased to produce a beam in the forward direction ( 8o = n/2, ¢o=m). The peak array gain is
14.89 dB, and the first sidelobe is about 13 below the main beam, as expected. The wide back-
Jobe in Fig. 11 is typical for conformal arrays and points in the direction tangent to the edge
elements which are phased close to the end-fire condition. It can be reduced by tapering the
aperture illumination or by simply removing several edge elements. In both cases the array gain
will be reduced by one or two dB. Thus, the edges of the selectively activated region of the
aperture tend to produce end-fire lobing effects that must be corrected.

Fig. 12 shows the same case, except the element excitations are computed according to
maximum gain theorem, i.e., | ¢, | = [g,, 6,=7/2,0, )]'?, where the g, are element gain patterns.
Note that indeed, the array gain is 0.1 dB higher than in the case of uniform excitation, and the
sidelobes are slightly lower. Although such a slight increase in gain is insignificant for practical
applications, to observe its occurrence in an array with so few active elements proves that such
an excitation can be used to squeeze a fraction of a dB more gain from the conformal array, as
well as reduce the sidelobes and produce deeper, more well-defined nulls. Most importantly,
these small optimizations of the array pattern were achieved using considerably less input RF
power than if a uniform excitation had been applied, and this is especially important in large
conformal arrays for airborne and space applications where prime power is at premium.

5.0  DBF System Description

The "DBF System" is an AFRL testbed located in a 40" x 40" x 120" anechoic antenna test
chamber at Hanscom AFB. The DBF System, illustrated in Fig 13, consists of the array-under-
test, a large multi-axis rotational antenna mount (not shown in the figure), a programmable
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antenna mount controller, and microwave frequency sources that supply the DBF receiver local
oscillator tones and the anechoic chamber far-field source. The DBF System has 32 independent
RF channels. Each channel contains a C-band microwave receiver, a digitizer module, and a 4
GB SCSI hard drive. The 32 pairs of digitizers and SCSI drives are housed in four C-sized VXI
plug 'n' play equipment chassis. The SCSI drives have a combined data storage capacity of 128
GB. Each digitizer contains a 23 bit analog-to-digital converter (ADC) that has 16 effective bits
of linear digital sensitivity, plus an internal 4 MB RAM data buffer and programmable filtering
and sampling control circuits. A Windows NT workstation serves as the DBF System host
computer. It controls all of the testbed equipment and the data acquisition and display processes
using a custom C++ graphical user interface (GUI) Windows NT software application that was
developed in-house using Visual C++ 6.0. The software also displays measured array patterns
and both time and frequency domain plots of the digitized channel data, in quasi-real-time, or
from stored data files that may be retrieved for post-processing. In the following section, the RF
and digital hardware and the data acquisition process are described.

5.1 RF Channel Receiver Hardware

A block diagram of the C-band receiver is shown in Fig. 14. It is a triple-down-
conversion design, characterized by three stages of amplification, mixing, and filtering. The
receivers have a 500 MHz input tunable bandwidth that ranges from 5.2 to 5.7 GHz, with a
center frequency of 5.45 GHz. The output of the receiver has a 2.0 MHz instantaneous signal
bandwidth, centered at 2.5 MHz. Inside the receiver, the first stage contains a frequency-agile
local oscillator (LO) that can be tuned over a 500 MHz range from 2.975 to 3.475 GHz. This
agility is used to selectively demodulate any frequency within the input tunable bandwidthtoa -
fixed first-stage intermediate frequency, IF, = 2.225 GHz. The second LO operates at a fixed
frequency of 2.18 GHz, and produces a fixed second stage IF, = 45 MHz. The third LO operates
at a fixed frequency of 42.5 MHz, and produces the final IF; = 2.5 MHz. The gains of the
amplifiers in the receiver chain are shown in Fig. 14. »

5.2 Receiver Dynamic Range

Dynamic range measurements were conducted on each of the 32 receivers to determine
the average receiver performance and the range of variation across the 32 receivers. The 1 dB
compression point definition of dynamic range was used in our measurements. It is typically
defined as the ratio of the maximum input signal power, Si4g, for which the receiver produces a
linear input-to-output gain, to within 1 dB of compression, versus the minimum detectable
signal, which is set by the receiver noise floor, N, as given below by

S
DR, 4 =10 1log —£ 6
1dB g N ()

A microwave spectrum analyzer was used to measure the dynamic range of the receivers,
according to the following measurement procedure:

1. Set the far field source to a power level which produces a noticeable receiver output
2. Decrease the far field source until the receiver output just drops to the receiver noise floor
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3. Increase the far field source in 10 dB steps until the receiver output compresses
4. Once compression is reached, decrease the far field source power by 10 dB
5. Repeat step 3 using 1 dB stepped increases in the far field source

Once compression is reached using 1 dB steps, the 1 dB compression point dynamic range is
obtained from Eq. 6. This is an estimate because nonlinearities that may occur in the far field
source can be mistaken as compression of the receiver response. Table 1 shows data measured
for receivers 1 and 16, and the data indicates an average 1 dB compression point dynamic range
equal to 62 dB for these two receivers, which is typical of the others as well.

Source Receiver 1 Receiver 16
-50 dBm -85 dBm -85 dBm
-40 dBm -75 dBm -74 dBm
-30 dBm -66 dBm -64 dBm
-20 dBm -56 dBm -54.1 dBm
-10 dBm -46 dBm -44 dBm
0 dBm -35dBm -33.8 dBm
10 dBm -25 dBm -23.4 dBm
11 dBm -24 dBm -22 dBm
12 dBm -23 dBm -21.4 dBm
13 dBm -22.5 dBm -20.5 dBm

Table 1. Dynamic Range test results for channels 1 and 16

5.3 RF Channel Match

RF channel match is a very important characteristic in DBF arrays because it is a measure
of the decorrelation, or the dissimilarity, between two supposedly identical receiver channels. If
two receivers could be made perfectly identical, their outputs could be added 180° out of phase
to produce an infinitely deep null. However, realistic channels have mismatch, and may only
produce a null that bottoms out at 107, for example, which is only a -50 dB. Therefore, in a
DBF array, it is important to attempt to match all individual channels as closely as possible, in
both amplitude and phase. The ability to do directly impacts the system's ability to achieve low
sidelobe levels, proper amplitude tapers and deep nulls. Array calibration techniques are used to
keep amplitude and phase errors at a minimum, as described in Section 6.

The experimental test apparatus, shown in Fig. 15, was constructed for the purpose of
measuring the Cancellation Ratio (CR), a parameter that quantifies channel match. The
measurement procedure is comprised of two steps as follows. First, the receivers are inserted
into the test apparatus and the phase shifter and amplitude trimmer are adjusted so the outputs of
both receivers are in phase, which produces a sum at the output center frequency of the receiver.
While holding the phase shifter and amplitude trimmer settings constant, the input frequency is
swept across the receiver bandwidth, which produces the arched upper trace in Fig 16. Next, the
phase shifter and amplitude trimmer are adjusted so the outputs of the two receivers are 180° out
of phase at the output center frequency of the receiver, which produces a null. The phase shifter
and amplitude trimmer settings are again held constant while the input frequency is swept across
the receiver bandwidth, which produces the lower trace in Fig 16. At any frequency in the band,
CR (in dB) is the difference between the upper and lower traces at that frequency. The null in
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the center of the band is the maximum CR that was achieved when the two receiver channels
were nearly 180° out of phase. CR gets worse toward the edges of the band, where a 180° phase
difference was not maintained. Constant CR can be achieved across the receiver bandwidth by
using a taped delay line FIR filter in each channel to equalize the channel frequency responses.

The DBF System was upgraded through a contract sponsored by AFRL. The contractor
discussed the impact of CR on antenna sidelobe levels and null depths in their final report, which
included the analytical development of the following four equations [5]. Channel decorrelation,
or mismatch, can be quantified in terms of CR, which is defined as follows

2

hm-v,(n)

ACTAD @)

CR(n)=10log,,

where V,(n) and V(n) are voltages measured at the outputs of the two receivers, as shown in Fig.
15, and n is the index of the discrete frequency points in the 2.0 MHz receiver output bandwidth
where V;(n) and Vy(n) were measured. In Eq. 7, the numerator represents the difference
between the two channels when they are adjusted to be 180° out of phase, and the denominator is
the sum of the channels when they are in-phase. The cancellation ration can be related to the rms
amplitude and phase errors in an array, according to the following equation, where o, and o, are
the mean-square amplitude and phase errors, and N is the number of elements in the array,

CR—O’:+O’: ®
N

For small, normally distributed errors, array sidelobe levels can be predicted using the following

c.+o,
9

S, =8+ D

where,
. = actual sidelobe level.
Sq = the design sidelobe level.
D = directivity of array.

Combining equations 8and 9 yields the following relationship between cancellation ratio and
sidelobe level, which clearly shows that poor cancellation ratios, expressed linearly, contribute
additively to elevated sidelobe levels in an array

CR*N

Sy =8+ (10)

a

5.4  Data Acquisition and Control

The DBF System testbed, illustrated in Fig 13, employs a Hewlett Packard HP8672A
microwave signal generator as the far field source which feeds a C-band standard gain horn that
is used in the anechoic chamber as the transmit antenna. At any one time, 32 of the 116 elements
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in the conformal wing array may be connected to the 32 receivers. The receivers' IF3 output
signals are transmitted over separate coaxial cables to the inputs of the 32 Hewlett Packard HP
E1430A digitizers that reside in the VXI equipment rack. The digitized output data is then
stored either on the 32 separate SCSI hard drives, or, if the data set is small enough, directly on
the 30 GB hard drive within the host computer.

The wing array is mounted on a large multi-axis rotational antenna mount that is
remotely controlled using a Flam and Russell FR8502A antenna mount controller. Controlling
the rotation of the antenna mount is accomplished by setting the scan range, scan resolution, and
rotation speed settings of the FR8502A, via the C++ GUI control software that runs on the DBF
System host computer. The host is connected via a GPIB interface to the FR8502A, and to two
other Hewlett Packard microwave sources which feed the receiver local oscillators. The host is
connected to the HPE1430A digitizers and the HPE1562B SCSI drive controllers through a VXI
bus interface. Through the VXI bus, the host controls the ADC sampling of the 32 RF channels
and the storage and retrieval of sampled data. Data is stored in raw 2s complement 16 bit integer
]-Q format as it is received from the ADCs. By storing the data in a binary format, file space is
conserved. The raw data is then organized in a file format which separates the ADC output data
according to channel and angular position of the antenna mount. The position of the antenna
mount is stored in double precision format at the first entry in every set of channel data.

In a traditional non-DBF antenna measurement, where the antenna-under-test has only
one output signal, antenna measurements are made by rotating the antenna mount continuously
and the single channel of received data is digitized and recorded. However, because the DBF
conformal wing array has 32 channels of data, which is obtained at a bandpass sampling rate of
10 MSamples/s, the amount of data generated by the digitizers is so large that it is often desirable
to sample the array pattern at discrete angular Jocations, rather than in a continuous sweep. The
use of different equipment busses, that is, GPIB for the antenna mount controller versus VXI for
the digitizers, combined with the fact that Windows NT is a message-based operating system, not
a real-time operating system, makes it difficult to accurately correlate digitized channel data with
the exact antenna mount rotation angle at which that data was taken. To solve this problem, a
discrete measurement technique was implemented. By incrementally stepping the rotation of the
antenna mount to distinct angular positions approximately 0.5 degrees apart, we can use software
control to record the angular read-out from the antenna mount controller's angle sensor, which
enables precise correlation of the digitized DBF channel data with the antenna mount rotation
angle. This approach also has the added benefit that it greatly decreases the amount of data that
is recorded. While some loss of resolution will occur, compared to the continuous mode of
operation, interpolation between the discrete data acquisition angles can reduce or eliminate
many of these problems. Thus, data is acquired by first moving the mount controller in a single
discrete step with 0.5 degree resolution, then we stop the rotation of the antenna mount, record
the angular position of the mount, and then trigger the digitizers to take a burst of samples. This
process is repeated at each of the 720 positions needed to complete a full 360° measurement. At
these positions complex valued data can be measured for any 2 samples, where N may range
between 0 and 11. This is the procedure currently used in our measurements of the 116 element

patterns of the array.
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6.0  Conformal Array Calibration

This section describes the calibration method used to obtain uniform complex gain across
the receiver channels. Note that this approach includes calibration of the hardware only. We
assume that any mismatch among the passive array elements will be addressed by the pattern
synthesis algorithm described in Section 7. We use an external calibration method in which we
illuminate the array with a far field source (as opposed to an internal calibration approach, i.e.,
probe injection). Since the antenna elements wrap around the entire wing, as seen in Figs. 4 and
5, and there is no single direction from which all elements are simultaneously illuminated, it is
necessary to perform a “multi-directional” calibration. In other words, we must calibrate the
array one section at a time and then normalize each section with respect to the others. The
following paragraphs describe the method used to determine the calibration angles and the
approach used to match the calibration weights across the array-section boundaries.

As a first step, the element patterns are measured using a single digitized receiver
channel. Let the complex gain of the passive element i be represented by v, (¢), where ¢ is the

global angular coordinate. Also, let the complex gain of the chosen receiver be represented by
G, as depicted in Fig. 17. Then, the set of measured element patterns can be represented by
vector V:

V‘—'[Vl(‘pbl v2(¢)G1 vi(¢)Gl VN(¢)GI]
=G @) v6) - v6) - v0)

where N is the total number of array elements. From Eq. 11, it is obvious that when the element
patterns are measured using a single receiver, gain differences across channels are due strictly to
properties of the passive elements.

(11)

Next, the element pattern amplitudes are plotted as a function of ¢, as shown in Fig. 18.
For an ideal linear array, the patterns should superimpose. However, for a conformal array, the
element normal vectors are oriented in different directions with respect to the incoming wave
front for any given rotational angle ¢ , shown in Fig 17. Thus, the element patterns are shifted
along the ordinate with respect to one another, where these shifts are proportional to the
differences in orientation directions. In addition, the shapes of the patterns may vary among
elements due to individual element properties and mutual coupling. :

A threshold is established 3dB below the maximum peak, as seen in Fig. 18. When
dividing the array into calibration sectors, the element patterns corresponding to a particular
sector must intersect the calibration angle, ¢c , above the threshold. This ensures that ¢c
intersects each element pattern in a region containing a high signal-to-noise ratio. When the
element patterns are plotted as shown in Fig. 18, it allows one to judiciously choose the number
and locations of calibration angles and, hence, define the calibration sectors. For this example,
angles ¢¢; and ¢, each intersect three element patterns above the threshold. Note that one of the
element patterns is common to both sectors. It will be shown below that it is necessary to have
some overlap in calibration sectors in order to normalize the calibration weights across sectors.
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Consider the elements that comprise the first calibration sector of an arbitrary conformal

array, as in Fig. 17. The complex gain measured at the output of channel i, Gvi(¢c), contains
components due to both the passive element and the receiver. As mentioned above, we wish to
determine the set of complex weights that will normalize the receiver gains. In general, this is
accomplished by recognizing the following relationship:

w,G, =w,G; (12)

where wy is the complex calibration weight applied to channel k. Eq. 12 can be rewritten as:

— i — Givi (¢c) Vj (¢C X;l ‘
TG T G (8e) ve)G (13)

Note that all of the quantities comprising the two fractional terms on the right side of Eq. 13 can
be obtained easily through direct measurement. Thus, by letting w; = 1, every complex receiver
weight can be computed for the first calibration sector.

Subsequent calibration sectors must contain at least one element in common with a
previous sector in order to normalize the calibration weights across sectors using Eq. 13. Now
consider the example in Fig. 18. The second sector has one element in common with the first
sector. Therefore, since the complex receiver weight for this common element has already been
computed, w; in Eq. 13 is known, and the remaining calibration weights in sector 2 can be
computed. As a final note, this calibration method is only valid at a single frequency. Both the
element patterns and receiver channels will vary as a function of frequency. Therefore, we are in
the process of extending our calibration approach to accommodate a band of frequencies using
channel equalization in conjunction with this calibration approach. '

7.0  Conformal Array Pattern Synthesis

The maximum gain patterns described in the previous Section 4 are preferred for many
applications. However, there is no sidelobe control and in some cases the pattern sidelobes may
be undesirably high. In order to provide sidelobe control, therefore, we have developed a pattern
synthesis method based on alternating projections [6]. This is a numerical approach which
offers great flexibility and handles both shaped beam and pencil beam synthesis and arbitrary
sidelobe envelopes. We use this method to synthesize power patterns, i.e. no constraints on the

far field phase.

Denoting by g.(¢) the far field pattern of array element # in its array environment, the set
of realizable patterns is represented by F(0) =X a, g.(9), where a, are arbitrary complex
excitation coefficients. The set of desirable patterns Fa(¢ ) may be represented by upper and

lower bounds on the pattern magnitude, M, (¢) and M;(¢), respectively. The synthesis procedure
is iterative and entails finding alternating projections on these two sets until a common point (or
the particular point of the realizable set which is closest to the desirable set in the LMS sense) is

found. In order to include mutual coupling effects we use array element patterns g,(¢), which
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correspond to a locally oscillating circular array. These patterns have been computed using the
CyMPA code. Measured array element patterns will be used when they become available.

Fig. 19 shows an example of a synthesized pattern for a 135 degree look direction assuming
elements 1-10 active. The normalized maximum gain pattern, as shown by the dashed line, has close
in sidelobes of about -13 dB. In order to obtain a pattern with lower sidelobes, say —30 dB, we
impose the upper and lower desired pattern bounds M, (¢) and M;($), as shown by the dotted lines,
and obtain via alternating projections the best realizable pattern, shown by the solid line. In this case
the desired sidelobe level is physically realizable. Also the synthesized array distribution seems very
reasonable, as shown in Fig. 20. The high sidelobe of —28 dB at about 260 degrees is similar to a
‘smeared out’ grating lobe for our curved array and cannot be suppressed much further by lowering
the desired sidelobe level or broadening the desired main beam. However, increasing the active
array to include elements 1-15 is effective and allows this sidelobe to be reduced by roughly 9dB,
down to -37.5 dB, as shown in Fig. 21. '

. Finally we attempt to synthesize a beam in the forward direction (¢ ~ 180 degrees), which is
a difficult direction since the projected area of the array is small, and very few elements radiate
efficiently in that direction. Employing the 8 elements (No. 1-7 and 116), whose normals are within
60 degrees of the desired look direction, we find that the projected aperture is only 13.5 cm~ 2.5
wavelengths, which corresponds to an expected null-to-null beam width of about 48 degrees.. Setting
the desired beam width equal to this estimate and gradually reducing the desired sidelobe level we
find that we can realize patterns with a uniform sidelobe level of about -23 dB, as shown as a solid
line in Fig. 22. At this look direction it appears difficult to realize uniform sidelobe levels which are
significantly lower, although more elements allow for a considerably narrower main beam.
Convergence of the method is fast, usually a few hundred iterations were adequate, which only took
seconds on a 1.5 GHz PC. An uncertainty of the method of alternating projections is that it may get
hung in local minima. However, preliminary results indicate that this is not a serious problem in our
case, and that low sidelobe patterns are indeed achievable at all look directions.

8.0 Conclusion

In this paper, we introduced a prototype conformal array antenna that wraps completely
around the cross-section of a realistic aircraft wing. The variable rate of curvature of the wing
presented many challenges to the design and analysis tasks of this project. A new conformal
antenna design and analysis software package was used to help us make reasonable design
choices, analytical approximations, and engineering trade offs. Suitable antenna element and
conformal array designs were obtained for this first of its kind "wing-wrap-around" array. A
prototype wing structure was built and populated with an array of narrowand, linearly polarized,
microstrip patch elements at C-band. Digital beamforming hardware was implemented in the
laboratory, which will be used to produce and control multiple beams from this conformal array.
A new conformal array calibration method was reported, along with two analytical methods that
addressed 2-D electromagnetic modeling of the array and conformal array pattern synthesis. The
element patterns of this array were being measured at the time this paper was written. Once
obtained, the measured element pattern data may be calibrated and used in conjunction with the
conformal array pattern synthesis and the 2-D electromagnetic analysis, described herein. This
work represents an initial experimental investigation of 2-D conformal arrays on surfaces of
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variable curvature. We plan to extend the work introduced here to include an extensive phase of
array measurements, pattern synthesis, and analyses of conformal array phenomena. Based on
our findings, we plan to investigate new methods to cancel or reduce various types of undesired
pattern effects in conformal arrays, and report such results in future papers.
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Fig 1: Scale model of the Sensorcraft FX72-MS-150B airfoil, fabricated in aluminum.

200 T T T T T

180+ B

160

Real Zin (ohms)
o > N e
o o (=] o

[+2]
(=]

40

20

1 1 | 1 1
53 5.35 5.4 5.45 55 5.55 6.6
Frequency (GHz)

Fig. 2: Antenna input impedance versus radius of curvature, calculated using CyMPA.
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Fig. 3: Element design geometry and |S| return loss versus radius of curvature.
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Fig. 5: The selectively activated region includes elements n = 1-10, shown as darker dots.
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Fig. 11: Computed far field array pattern for elements 1-10, using uniform excitation
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Fig. 12: Computed far field array pattern for elements 1-10, using the maximum gain theorem
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Fig. 14: Block diagram of the C-band receivers used in the DBF System
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Fig. 16: Sum and difference outputs measured at the output of the CR test apparatus.
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Fig. 19: Desired 30 dB sidelobe pattern (dotted) and realized pattern (solid). Maximum gain
pattern (dashed) has —13 dB sidelobes. 10 elements are active. The look direction is

forward, 45 degrees above the horizon.
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Fig. 21: With 15 elements active, a pattern with close to ~40 dB sidelobes is realizable.
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Fig. 22: With the main beam in the forward direction, where the projected aperture is minimum, a
uniform sidelobe level of roughly —23 dB appears to be realizable, but not much more.
Elements 1-7 and 116 are active.




USE OF SCAN IMPEDANCE AND SCAN ELEMENT
PATTERN

R. C. Hansen
Consulting Engineer
Tarzana, CA 91357
818-345-0770

Abstract: Scan Impedance usually controls the
bandwidth and matching capabilities of wideband arrays.
But it is difficult to measure, as all elements must be
properly excited. Scan Element Pattern, whether
measured on transmit with one element excited, or on
receive, always ylelds relative scan performance, and
frequency squared behavior. On transmit the driven
element impedance is benign, but it 1s not Scan
Impedance. On recelve the impedance is Scan Impedance,
but it is difficult to measure. Computer simulations
are used to elucidate these characteristics.

1. Scan Impedance and Wideband Arrays

Scan Impedance , SI, (formerly active impedance)
is critical for wideband arrays, as it usually
determines the useful bandwidth of the array. To
measure SI requires a large array (to minimize edge
effects) and the feed network must be interrupted to
allow measurement of the center element impedance.
This procedure is clearly difficult, and is seldom
performed. What is common is to calculate SI for an
infinite array using the Floqguet unit cell technique.
Then since all computer models need a hardware
validation, several waveguide simulators are built and
measured. Each simulator gives data for one scan
plane, scan angle, and frequency; several simulators
are usually sufficient to validate the infinite array
code for narrow band arrays. See [1] for waveguide
simulator data. SI can be recovered from the
scattering matrix, but errors in measuring small
couplings are magnified by the matrix inversion
process. Thus this procedure is seldom employed.

It will be shown next that Scan Impedance is not

available from transmit Scan Element Pattern
measurements, and that although received SEP has Scan
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Impedance inherent in the measurement, it is difficult
to extract SI.

2. Scan Element Pattern Background

Scan Element Pattern, SEP, (formerly active
element pattern) was developed circa 1960 by Allen [2],
Oliner [3], Stark [4], and others, to provide phased
array gain behavior versus scan angles. TIt’s utility
for decades has been to give insight and results on the
scan performance of various elements and lattices. A
common measurement procedure terminates all elements in
the array, with the excited center element connected to
a gain measurement setup. AS early as the Lincoln Lab
reports [2] it was recognized that the impedance seen
in the measurement procedure was not the Scan
Impedance, (impedance seen when all elements are excited
with the proper amplitude and phase). Further the SEP
gain did not include the Scan Impedance mis-match,
following the textbook definition of gain. When the
array is receiving with all elements terminated, the
center element experiences the Scan Impedance. But
recovering this impedance requires sampling the element
voltage and current, a difficult and seldom attempted
task. For example vector network analyzers and most
pattern ranges will not measure impedance of a
receiving antenna.

Recently wideband arrays have become of increasing
interest, and the above transmit measurement procedure
has been used to evaluate them, sometimes with results
that seem unrealistic. The array literature contains
very little information on the detailed characteristics
of SEP, so it is the purpose of this paper to show: 1)
that SEP does include frequency squared factors, so
that array directivity is simply the number of elements
times SEP; and 2) that SEP does not include array
impedance mis-match. Bandwidth of a phased array is
usually limited by these impedance mis-matches. A
typical example using a planar dipole array will be
shown.

3. Modelling the SEP Measurement
To determine exactly how the transmit SEP
measurement process behaves with frequency, and whether

Scan Impedance mis-match is included, a planar array
code using thin dipoles on a square lattice, was
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employed. This code treats a finite array, up to 100
elements each axis, thereby replicating the measurement
procedure. As the dipoles are thin, and the maximum
length is half-wave, the current distributions are very
closely sinusoidal, so Moment Methods are unnecessary.
All elements are terminated in a resistance, and the
center element is excited. Solution of the mutual
impedance matrix equation gives the complex currents
for all the array elements. Mutual impedances were
calculated in double precision [5]. Far field pattern
was calculated by summing the element currents times
the appropriate steering phases. Power was calculated
from Real (VI) for the driven element. Gain is then
simply 120 E?/P. For a single element the simulation
gives a half-wave SEP of 2.15 dB, and 1.76 dB for a

short dipole.

Fig. 1 shows transmit SEP versus scan angle 0 for
a 20x20 element array of half-wave dipoles with half-
wave spacing. As expected the E-plane result is more
sensitive to edge effects; the H-plane curve matches
exactly the infinite array result of Fig. 7.17 of [1],
after normalization. This then is a validation of the
measurement procedure for SEP, against the infinite
array formulas summarized in [1].

Of more interest is behavior with frequency. Fig.
2 shows transmit SEP at broadside for the 20x20 case,
versus dipole length in wavelengths. In all cases
lattice spacing equals dipole length, and the
terminating resistance is that of an element in an
infinite driven array of half-wave dipoles at
broadside. Note that SEP is proportional to frequency
squared over the lower part of the dipole length range,
as expected. Oscillations due to edge effects may be
noted. It will be shown in the next section that this
behavior arises from the array pattern versus

frequency.

To show that Scan Impedance mis-match is
different, an array code where every element is excited
was used, and the mis-match factor (1 - |T|?) was
calculated from the Scan Impedance. Fig. 3 shows mis-
match gain factor for 10x10 and 20x20 dipole arrays,
over a 5:1 frequency range. Note the oscillations due
to edge effects, and the artifact around a spacing of
.4). These data support the well-known fact that
wideband array bandwidth is usually limited by Scan
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Impedance mis-match losses. Array behavior over a
bandwidth, then, is the sum of Figs. 2 and 3. For a
1/5 frequency, the mis-match loss is approximately 22
dB, in addition to the 14 dB array area (in
wavelengths) loss.

4. SEP of an Array of Isotropes

Because short dipoles exhibit large negative
reactance, it is of interest to determine the role of
reactance in producing the freqguency squared dependence
of SEP. An isotropic array possesses virtual mutual
resistances, but no reactances. The virtual mutual
resistance is 120 sinc kd, where k = 2n/A and d is the
separation between the elements. This virtual mutual
resistance is derived from directivity equations for
arrays. When the expression above is substituted in
eg’'n 2.64 of [1],
eq’'n 2.49, the exact directivity of an array of
isotropes results. Similarly for planar arrays [1].

This isotrope virtual mutual resistance replaced
the mutual impedance in the SEP simulation code, and
the element pattern became unity. Many computer runs
disclosed that virtual impedance and power were stable,
but that the array pattern, now not modulated by the
element pattern, gave low values for some array sizes.
Use of an amplitude taper over the array would probably
stabilize the results. When the highest value is used
for each dipole length/A, the results closely match
those of Fig. 2! Thus it may be concluded that the
frequency squared factor is not produced by mutual
impedance reactance, but by the array pattern (electric
field at broadside) versus frequency.

5. Conclusions

Knowledge of Scan Impedance, where all array
elements are terminated and one excited, is essential
for the evaluation of wideband arrays, but it is very
difficult to measure directly. Transmit Scan Element
Pattern is almost useless for the determination of
array performance over a wideband, as it essentially
shows only frequency squared dependence and a benign
impedance. Receive Scan Element Pattern measurements
are useful for wideband arrays, but do not yield Scan
Impedance directly. Calculations of Scan Impedance are
essential, as are waveguide simulator measurements.
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The equations for calculating SEP given in [5]
accurately express SEP at all angles, but the Scan
Resistance must be known.

6.
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Phased Array Technology and Allerton

Robert J. Mailloux
Air Force Research Laboratory
Sensors Directorate
80 Scott Drive
Hanscom AFB, Massachusetts, 01731-2909
Email: robert.mailloux@hanscom.af.mil

Abstract: For the past fifty years the Antenna Applications Symposium at
Allerton has provided a podium for engineers to discuss all aspects of
antenna engineering . This paper addresses the subject of phased array
development, and catalogs some of the papers presented at Allerton that have
contributed to this development.

The Antenna Applications Symposium at Allerton has played a significant role in
phased array development. From the time of its beginnings as the Air Force
Antenna Symposium, Allerton has always offered two venues for communication,
one is from the podium, and a second one takes place throughout the grounds and
in the hallways and the dining area. To some this second venue may be the more
valuable, but it has gone unrecorded. There is a fairly complete record of the
presented papers and I have tried to highlight some of those that seem more
relevant to phased array developments. This paper looks at the role played by the
symposium in fostering those developments in array technology.

Table 1 gives a chronology of some representative array systems or major test-
beds, along with component developments that support these systems. The
various items of technology highlighted are array elements, control devices and
array architectures. These major topics and subtopics are referenced against
specific Allerton paper references in the Appendix, which lists the principle
author and a few words to describe the subject.

There are some interesting trends revealed in the system applications and the
items of technology. Throughout the 60’s and 70’s all array system applications
used dipole and waveguide elements. Ferrite phase shifters controlled radars at S-
band and above. Included are AWACS and AEGIS at S-band and the Patriot
ground radar at C-band, the TPN-25 PAR antenna and GPN-22 at x-band.

Array Elements

During the 60’s and 70’s most of the basic new array elements now in use were
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discussed, and sometimes introduced at Allerton. In 1972 when Robert Munson
introduced the microstrip patch antenna, it was two years before the AP-S paper
by Munson was published. After that there have been numerous patch and printed
circuit varieties, all tending toward wider band, better polarization and simpler
excitation.

The first papers on notch and Vivaldi elements weren’t presented at Allerton, but
in 1977 George Monsor discussed new notch elements with 6:1 bandwidth. Since
that time a number of papers, including several by our Chairman Dan Schaubert,
attest to the durability of that research area and to the desirability of such
wideband elements.

Array Control

There were very few ferrite or diode papers or T/R module papers presented
during the early years at Allerton. There was an early paper by Adcock ‘54 that
described a phase shifter using mechanically rotating crossed dipoles for UHF
arrays. In *55 Von Aulock discussed geometries for ferrite phase shifter
application. In *83 Hancic et.al. presented some very compact, lightweight diode
phase shifters that represented the state of the art before MMIC.

In 1972 Collins and Hayes presented TI work on the RASSR modules, and later
Harold Weber of AFRL presented a review of both MERA and RASSR modules.
T/R module control of arrays grew from these first MERA and RASSR x-band
test-bed demonstrations, and from the module developments from S-band to C-
band that were summarized in 1980 by H. Chilton of Rome Laboratory. These
included the first solid-state T/R module based system, the TPS-59, which
consisted of slot arrays scanned in one plane. PAVE PAWS was the first all solid
state phase-phase scanned radar.

Later, the MMIC program led to a number of integrated circuit MMIC arrays,
now with multi-element modules or “trays” of MMIC modules directly integrated
into the array aperture. These sorts of papers have continued to be presented at
Allerton, and reflect a major change in array design, and a major change in this
symposium, which now regularly accepts papers on all kinds of array control
technologies. ( See. For example *80 Chilton, *83 Edward, *85 Smetana et al, 87
Pepe et.al., ’94 Edward, 95 Raquet).

New means of Control

Certainly ferrite phase shifters and diode phase controls, whether in active
modules or passive phase shifter circuits, have been the mainstay for array control
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in developed systems, but in the 1990’s there were a large number of papers that
addressed alternative means of beam control. These technologies are digital
beam-forming, optical beam-forming and signal distribution, and MEMS phase
control. The papers on digital beam-forming have not dealt with devices (A/D
converters, filters etc.), but with array architecture using digital beam-forming
(’92,’93 papers by Brandow and Humbert), error analysis of DBF systems, the
use of neural networks for control in the presence of failures (“92 O’Donnell, *93
Simmers, *94-"96 Southall) and failure correction (‘94 Mailloux).

Optical control of arrays became a topic at Allerton during the ‘90’s, with major
presentations in *92 by Herczfeld and Newberg, special sessions in’96 and 98
organized by Mike VanBlaricum, and the growth of the Navy program in
photonic control (see *95 Parent, ’97 Frankel et.al, and Bobowicz et.al.). A special
session in *99 featured a number of papers on MEMS phase shifters and time
delay devices.

Allerton has not seen many papers on adaptive array control. Probably because
these went to the Air Force sponsored Adaptive Array Symposium, but there were
several important early presentations b y Compton (’69) and others. Other papers
(’81 Fenn and *81 Steyskal) have dealt with the array aspects of adaptive control
(degrees of freedom consumed), and the formation of wide-band nulls (*95
Mailloux). In this regard one interesting presentation was the paper in *83 by
Schmitt, who presented the MUSIC algorithm well in advance of the AP-S March
’86 publication that described this important work on direction-finding. A special
session in 00 convened by Wicks presented much current work on STAP (space-
time adaptive processing).

Array Architectures

This category is interpreted broadly here, and at one extreme it includes
waveguide slot arrays for low sidelobes (Evans/Hoofer ’80), an early presentation
of Joint Stars array technology by Harold Schnitkin in *89, and monopole
synthesis with edge slot arrays by Kinsey in *95. Space fed lens (*97 Tripp and
’97 Diaz) and reflectarrays ('62 Malech, *78 Montgomery, *93 Litva et.al). The
’62 Malech paper is one of the earliest reflectarray references cited.

Several UHF rotodome antenna geometries (56 Kinega, *58 Lockheed staff) were
presented at Allerton, and though these were not conformal arrays, the subject of

platform interaction was considered.

Members of the Hughes Corporation staff treated the topic of antennas conformal
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to structures like cones and cylinders in 1952, at one of the very first Allerton
symposia. Since then, various conformal array structures have been discussed at
Allerton presentations, including the Navy work (Gladman et.al.’71) and a group
of air Force programs (’73 Balzano, 89 Herper et al., ’89 Hanfling) and including
the low sidelobe circular array work of Herper and Stangel in 1980.

Multiple beam antennas have been a popular topic at Allerton throughout the
years; beginning with the octave band MBA presented Mehron in 1963. A
number of these are listed in the Appendix. In 1997 Jack Schuss presented an
important paper on the IRIDIUM antenna, which, upon revision, was submitted to
the AP-S transactions, where it won the “2000 Wheeler Applications Prize Paper
Award”.

Subarray technology and limited field of view antennas are related technologies,
and have been a special subject of Air Force research since the late 1970’s. Of
particular interest are the papers of Southall and McGrath (80 and “85) which
later led to their receipt of the AP-S “1987 Wheeler Applications Prize Paper
Award”, the 1983 paper by Sinnott that described the Australian Ginda Lee OTH
Radar, and new work by Kinsey in 98 describing subarray choices for limited
field of view.

In 1972 Blakely, Burke end Cohn presented one of the first papers on meanderline
circular polarizers.

Although primarily a podium for “Applications” papers, theoretical work has
been welcomed throughout the 50 year history of the symposium. The theoretical
papers referenced in the Appendix however, highlight the growth of numerical
methods since the late 1960’s. In 1969 Strait and Adams presented some of the
early wire antenna theory developed at Syracuse University during and since the
famous 1967 paper by Harrington. These methods were used in presentations by
many authors during the 1070’s and 1980’s, but in the late 1980’s and throughout
the ‘90’s there were a number of publications based on new classes and numerical
methods, from finite element to finite difference time domain methods now viable
because of the speed and storage of modern PCs, work stations and
supercomputers. In 96 Professor Chew of the University of Illinois presented a
special session on a variety of these powerful methods.

Mutual coupling phenomena have been described in many Allerton papers over

the years, but in a recent coincidence in 1999, a paper by Hansen and one by Chio
and Schaubert both revealed the dominant edge effects in the closely spaced
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arrays used in wideband systems. This phenomenon may present an ultimate
limitation to possible sidelobe control in modest size wideband systems.

Conclusion

The Antenna Applications Symposium and its predecessor the Air Force Antenna
Symposium has been an important venue for the presentation of array research
and development papers. Allerton papers have most often emphasized the
practical engineering aspects of the technology, but ground breaking theoretical
work has been presented too. The symposium has become important for the early
publication of papers that have later received professional society “Best Paper”
awards or have been shown to be the seedlings of new technologies that have
gone on to advance phased array technology in major ways.

From the phased array perspective, the symposium has done its job well, and

continues to play an important role in the development of phased array
technology.
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A Study of Phased Array Antennas for NASA’s Deep
Space Network

V. Jamnejad, J. Huang, R. J. Cesarone
Jet Propulsion Laboratory, California Institute of Technology
4800 Oak Grove Drive
Pasadena, CA 91107

Abstract: Recently, the Jet Propulsion Laboratory (JPL) has begun an
assessment of the long-term capability of the antennas of the Deep Space
Network (DSN). Various alternative plans for upgrading or replacing the
present 70-meter antennas have been considered. Several options have been
studied which include modifying the present antennas for extended life and
reliability, new 70-meter single aperture antennas with offset or symmetric
feeds, 100-meter spherical antennas, an array of a few smaller 34-meter
antennas, a much larger array (hundreds) of much smaller (5-10 meter)
reflector antennas, and finally active planar phased arrays with millions of
elements. In this paper we briefly discuss various options but focus on the
feasibility of the phased arrays as a viable option for this application. Of
particular concern and consideration will be the cost, reliability, and
performance compared to the present 70-meter antenna system, particularly
the gain/noise temperature levels in the receive mode. Many alternative
phased arrays including planar horizontal arrays, hybrid
mechanically/electronically steered arrays, phased array of mechanically
steered reflectors, multi-faceted planar arrays, phased array-fed lens
antennas, and planar reflect-arrays are compared and their viability is
assessed. Although they have many advantages including higher reliability,
near-instantaneous beam switching or steering capability, the cost of such
arrays is presently prohibitive and it is concluded that the only viable array
options at the present are the arrays of a few or many small reflectors. The
active planar phased arrays, however, may become feasible options in the
next decade and can be considered for deployment in smaller configurations
as supplementary options.

1. Introduction

The foreseeable future of Solar System exploration includes a number of trends
that are expected to place strong customer demands on the facilities of NASA’s
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Deep Space Network. These trends comprise the following: a migration of the
exploratory spacecraft fleet further out into space; a consequent growing reliance
on large aperture ground antennas; a rapid growth in the data rate capabilities of
science instruments and public media formats, and; a need for long-haul trunk
lines resulting from the emplacement of planetary local area networks, especially
at Mars. Though these trends emerge primarily from analysis of NASA’s Space
Science Enterprise robotic mission model, they also apply to the future missions
of the Agency’s Human Exploration and Development of Space Enterprise.

Recently, JPL was tasked by NASA, to examine the potential future need for large
aperture radio frequency antennas. Motivation for the task was not only the
normal process of long-range (strategic) planning, but also the aging of the large,
70m diameter antennas of the DSN. Specifically, answers to two questions were
sought. Will the level of capability, currently afforded by the 70 m antennas, still
expected to be needed in the future? And if so, what is the best way to provide
such a capability? The answer to the first question was an unequivocal “Yes,” as
evidenced by the mission set trends described above. In particular, two of the four
themes of the Space Science Enterprise were seen as the strongest drivers. The
final answer to the second question is still pending and does not in fact need to be
decided until such time as implementation commitments are required. However,
work to date has examined seven alternatives, described briefly as Options A - G.

Option A entails modifications to the existing 70m antennas to assure extended
life and reliability. These assets were originally constructed as 64m antennas in
the late-1960s and early-1970s, and were designed for a 10-year lifetime, running
at ~ 25% duty cycle. The antennas are currently on the order of 30 years old, and
for much of their lifetime have run at ~ 80% duty cycle. For the benefit of the
Voyager Mission, they were upgraded to 70m diameter in the late-1980s, which
added significant mass to the load-bearing elements. So it is not surprising that
wear-and-tear and future reliability are matters for concern. The option identified
a number of structural and mechanical modifications to these antennas that will be
needed to assure reliable operations for the future. Also, to minimize costs, no

new capabilities were assumed.

Option B is essentially the same as Option A but with the addition of a Ka-band
receive capability. Though X-band (8 GHz) has been the nominal frequency band
for deep space communications for 20 years, and S-band (32 GHz) before that,
there is a strong push to move up to higher frequencies. Rationales include the
enhanced directivity and gain (~ 6 dB, after accounting for all losses) afforded by
the higher frequency plus the factor of 10 increase in allocated bandwidth.
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Option C entails implementation of new ~ 70m single aperture antennas,
nominally one per DSN complex. As single aperture, monolithic antennas, these
would follow in the tradition of the existing 70m antennas. However, they would
use the latest technology to enable high-performance operations at Ka-band
frequencies. Antennas would be expected to utilize wheel & track for azimuth
motion and actuated panels to maintain surface precision. Traditional designs
with Cassegrain feeds and beam wave guide optics were investigated, as well as
ones with a clear-aperture, offset feed, as in the recently commissioned 100m
Green Bank Radio Telescope. For the purposes of the study, a 70m diameter was
used as the baseline for comparison. However, there is no reason why larger
diameter single aperture antennas could not be built should that choice be taken by
the Agency.

Option D involves an array of four 34m diameter antennas to equate to the ,
aperture of a single 70m antenna. 34m antennas are the current workhorses of the '
DSN, most often used in the configuration of a single antenna per spacecraft.
There is however, significant experience in arraying 34m antennas together, or
with 70m antennas, to track especially weak signals. Thus it is logical to consider
such an option. However, all previous arraying experience within the DSN has
been in the downlink configuration only. Uplink arraying, at this point, is still
considered to be a technology development activity. As such, feasibility of this
option, as a full function replacement for current 70m capability, is not yet
demonstrated.

Option E proposes use of an array of ~ 5m aperture antennas to synthesize the
equivalent aperture of a 70m antenna. In essence, it is a large array of small
antennas rather than a small array of large antennas, as in the previous option.
This option has much in common with recent trends in the radio astronomy
community, where arrays are quite popular, not only for their signal sensitivity,
but also for their angular resolution. In fact, proposers of this option are working
closely with the Square Kilometer Array (SKA) initiative that has been
recommended as a high priority in the Astronomy & Astrophysics Decadal
Report. It is envisioned that the many small parabolas needed can be
manufactured, and outfitted with electronics, relatively inexpensively. Side
benefits include the prospect of multi-beaming, at least within the field-of view
(FOV) of any given dish. Issues include, as for the previous option, the need to
provide for an arrayed uplink.

393




Option F carries the arrayed concept one step further still by postulating the
creation of electronically-steered, phased-array, flat plate antennas. For this
option, the individual antenna elements are quite small and there can be many
millions of them. Although such antennas have been constructed for various
applications over the years, they have never been used for long-haul deep space
communications, at the frequencies of interest, and with all the attendant
requirements. Significant benefits may include instantaneous and simultaneous
beam-forming that can lead to new modes of deep space operations — in effect a
demand, rather than scheduled, DSN. Also elimination of the need for many
moving parts can yield significant reductions in long-term operating costs. But
there are many challenges as well, both technical and economic, that would have
to be overcome to successfully implement such a concept. These will be
discussed at some length in this paper.

Option G is an innovative idea called the SPHERE (Spherical Pair of High
Efficiency Reflecting Elements) concept. Here the idea is to construct an antenna
pair, where each element rotates only in azimuth, never in elevation. Because
elevation is fixed, gravity-induced surface deformations will not be a concern.
One of the pair would cover low elevation angles whereas the other would provide
the complementary high elevation coverage. Elevation pointing would be effected
by motion of the prime focus feed assembly, as in the Arecibo Radio Telescope.
This option has shown promise and will be considered as a candidate for

technology development.

Given the lead time required for government budget planning and construction of
facilities processes, plus actual implementation, it is reasonable to expect that
another 10 years, minimum, of age will accumulate on the existing 70m antennas
before an actual replacement capability could be on line. Thus it became evident
that some part of Option A will be needed regardless of which option is finally
selected. Consequently the recent budget submission reflected this need and is
expected to be viewed favorably.

In this paper we will focus on a number of array options (including E, F, and G)
and outline some of the issues associated with these options and provide
recommendations for further study.

2. Phase Arrays

Phased array antennas composed of a number of smaller antenna elements provide
an attractive alternative to the conventional single reflector systems for
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hemispherical (near horizon-to-horizon) coverage. These arrays can be divided
into two general categories.

Arrays of Low and High Gain elements

The ‘“filled-aperture’ array composed of small radiating elements (with a
theoretical hemispherical coverage and a maximum gain of about 3 dB) which
will be spaced approximately half a wavelength apart to prevent grating lobes, can
provide purely electronic scanning over the hemisphere, by the proper phasing of
the individual elements to provide a uniform phase front in any desired direction.
However, there will be a scan loss associated with the array, which increases as
the beam is steered toward the horizon. Thus the effective aperture area of the
array reduces approximately by the sine of elevation angle as shown in Figure 1.

The second type of the array is composed of high gain directional elements which
are themselves mechanically scanned toward the desired direction in addition to '
the proper phasing among the elements. An array of relatively small reflectors (5-
10 meters in diameter) is such an array. The array element spacing must be such
that there is no blockage between individual reflectors. However, the total

effective area of the aperture remains constant and equal to the sum of the

aperture areas of the individual elements.

Passive and Active Arrays

From another point of view, the phased arrays can be divided into two different
categories: passive and active arrays.

In the passive arrays, in the receive mode, the input signals from the each element
is phased by a phase shifter or a delay line and combined via a collection of power
combiners. The loss associated with this beam-forming network (BFN), which
can be in excess of several dB is directly translated into unacceptable levels of
noise figure, which is not acceptable for our applications. Similarly, in the
transmit mode, the high power signal is divided via a beam forming network
(collection of power dividers and phase shifters) and fed to individual elements.
Again the power loss associated with this BFN is completely unacceptable for this
application.

In the active array, in the receive mode, there is a low-noise amplifier (LNA)

immediately behind each individual element or a small sub-array of elements,
which effectively and substantially reduces the noise in the following BFM
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composed of phase shifters and power dividers. Similarly, in the transmit mode,
the low power signal is divided by the BFN composed of power dividers and
phase shifter and then fed to the individual elements (or sub-array of elements) via
a High Power Amplifier (HPA). Thus only a minimal amount of power is lost at
the power dividers and phase shifters. Furthermore, instead of requiring a very
high power generator/amplifier, the power amplification is distributed over the
entire array. In a combined transmit/receive array, the HPA and LNA behind the
elements are combined to form a T/R module which also includes a diplexer to
isolate the transmit and receive paths.

3. Advantages and Disadvantages of Phased Arrays

Phased array antennas provide certain advantages over conventional reflector
systems. There are, of course, certain disadvantages as well, which should be
taken into consideration in deciding a technically feasible and economically viable
solution in the context of a near future or a longer-term (10-20 yrs) antenna
system for the Deep Space Network (DSN).

Some of the advantages of a phased array are:

- Beam agility: The antenna beam can be moved almost instantaneously to any
desired direction, a feat that cannot be accomplished by a mechanically steered
reflector antenna system.

- Reliability and graceful degradation: A phased array, composed of a large
number of radiating elements, is a more reliable system in the sense that in the
event of the failure of some or many of its elements, it can still operate with
various degrees of capability, namely, with a graceful degradation. While any
malfunction in a single reflector antenna system, brings the operation of the whole
system to a halt. This could have major implication in critical usage scenarios.

- Maintainability: A related issue is the question of maintainability. In a phased
array failure of certain element can be addressed, and fixes and routine
maintenance can be applied, while the overall system is operating. By contrast, in
a single reflector antenna system, the operation of the system must be stopped in
order to provide for the necessary fixes and refurbishments of the system.

Lack of mechanical motion: This applies only to the filled aperture phased arrays
in which there are no moving parts and all beam steering is provided strictly
electronically. This eliminates the possibility of mechanical breakdown and
reduces maintenance costs.
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- Multiple beam operation capability: The phased array provides the ability to
provide simultaneous multiple beam operations which can be useful in certain
situations involving multiple spacecraft at different positions. This is achieved at
the expense of a complicated beam-forming network.

- Lower long term maintenance cost: Due to the lack of any complicated
moving mechanical parts as in reflector antennas of the DSN, which require
constant maintenance and repair, the long term cost of a fully electronic phased
array system is expected to be substantially lower than its mechanical counterpart.

Some of the disadvantages of the phased array are:

- Beam-forming network complexity: This is perhaps the most significant
drawback of a conventional phased array system. The implementation of dividing
and /or combining signals from thousands or millions of elements is a daunting
task with major architectural and layout complications. This becomes an even
harder task to accomplish in a multiple beam implementation. A digital beam-
forming and processing scheme may reduce some of these complications but is
nonetheless far more complicated than a relatively simple reflector antenna
system.

- Limited multi-frequency operation capability: The phased array systems are
inherently narrow—band. The situation can be somewhat mitigated by appropriate
beam-forming architecture and the use of true time-delay elements. The array
operation can be extended to multiple frequencies by stacking or interleaving
array elements at two or more frequencies (for example at X and Ka bands).

- Lack of flexibility in adding new capabilities (additional frequencies, etc.):
Any change in operational frequency band would require a change in all the array
elements in contrast to a reflector system where only a single feed for the entire
system needs to be modified or replaced.

- Poor performance of single planar array at low elevation angles

As previously mentioned, in a single horizontal planar aperture array, as the beam
scans from zenith, the effective aperture area of the array reduces approximately
by the sine of elevation angle as shown in Figure 1.

- Pattern anomalies With phased arrays there are possibilities for generating

spurious grating lobes and blind spots due to inter-element mutual coupling,
. existence of surface waves, etc.
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- Very High Up-front Cost: Due to presence of a myriad of elements and the
required complicated beam-forming network, the upfront implementation cost of a
fully functional phased array system can be prohibitive.

4. Alternative phased array configurations

There are a number of phased array configurations or variations of the phased
array that can be considered for future DSN applications. Only some of the more
attractive options are outlined below. All are compared with a single 70-meter
aperture reflector system with a scan capability down to 10° elevation.

4.1. Planar horizontal phased array

-

For a horizontal planar array, the peak is toward zenith. Such an array will be
composed of small low gain elements (with a theoretical hemispherical coverage
and a maximum gain of 3 dB) which will be spaced approximately half a
wavelength apart to prevent grating lobes. This array can provide purely electronic
scanning over the hemisphere, by the proper phasing of the individual elements to
provide a uniform phase front in any desired direction as shown in Figure 2.

However, there will be a scan loss which will vary as the sine of the elevation
angle (projected aperture in the boresight direction), namely, from 0 dB at zenith
to as much as 3.0 dB at 30° and 7.6 dB at 10° elevation, as shown in Figure 1. The
actual loss in elevation is even higher due to the additional element gain loss at
Jower elevations. We have also ignored the effects of the surface waves and
diffraction from the edges of the finite array that prevent the radiation at the 0°
elevation from going to zero according to the simple projected aperture theory.

In order to provide the same gain as a 70-meter reflector at 10° elevation, The
aperture size of the array S, compared to that of the reflector, SO, need be

approximately

S =S0/sin (10) =5.8 S0, or, in terms of diameter, D=24D0= 168 m

The imposition of the coverage down to the 10° elevation may be a rather
stringent requirement. Scanning down to such low elevations may cause many
problems in the performance of the array such as blind spots, surface waves, etc.
A better solution would either to reduce the scan angel. For example, if scanning
only down to the 30° is set as an acceptable requirement, then the array size will
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be only double that of the reflector, or a diameter of about 99 meters. Notice that
this or a variation of it can be a viable option, since the array can still operate
below the 30° elevation but with a lower gain (down by 4.6 dB at 10°). The array
can be used for high data reception at or above the 30° elevation and with a
reduced capacity but still acceptable performance below that elevation. A
somewhat more detailed analysis of such a planar array in provided in Appendix L

4.2. Hybrid mechanically/electronically steered array

An alternative would be the use of a planar array pointed at 50° elevation angle
(the array plane at a 40° angle from the ground) as shown in Figure 3. This array
can provide coverage from 10° to 90° elevation angles with a maximum loss of
only 1.16 dB for a maximum scan from peak to +40°. Or, to provide the same
gain as the reflector at 10 elevation will require the array area to be

S =S0/sin (50)~ 1.3 S0, or,in terms of diameter, D=1.15D0=80m

In this arrangement the electronic scanning is only in one dimension, namely
elevation. The azimuth coverage will then be provided by mechanical rotation.
Therefore the array in azimuth direction will not require phase shifters at the
element or small sub-array of elements, but perhaps in each row only two large
linear sub-arrays will be required with a phase shift between them to provide
vernier electronic beam steering if needed. Also the beam-forming loss in each
row can be reduced by the use of serial feeding arrangements as opposed to
corporate feeding. All in all such an arrangement will require much smaller
number of active components and electronics cost will be substantially lower, at
the cost of mechanical azimuth steering and associated complexity and cost.

4.3. Multiple-face phased arrays

Another solution without any mechanical steering is the pyramidal arrangement of
several planar phased array faces [1,2].

For example, Figure 4 shows a four-face array. Each face makes a 45 angle with
the ground and needs to electronically scan to +45° from normal to provide full

hemispherical coverage. This arrangement requires four planar faces each with

S = S0/ sin (45) = 1.41 SO, or, in terms of diameter, D=1.19D0 =83 m
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in order to provide the same gain as the reflector at 10° elevation. Or,
alternatively, each face can be the same size as the reflector but with a scan loss of

about 1.5 dB at the edge of its coverage.

Figure 5 shows a seven-face array. Top face is planar and each side face makes a
60 angle with the ground and needs to electronically scan to £30° from normal to
provide full hemispherical coverage. This arrangement requires seven planar faces
each with

S = S0/ sin (60) = 1.155 SO, or, in terms of diameter, D=1.075D0=75m,

in order to provide the same gain as the reflector at 10° elevation. Or,
alternatively, each face can be the same size as the reflector but with a scan loss of
about 0.6 dB at the edge of its coverage.

In such multi-face arrays, only one of the faces need be operational at any given
time and the face is switched as required. However, an added advantage is that
more than one array can be operating simultaneously for communication with
different spacecrafts, etc., thus providing a multiple beam coverage.

4.4 Phased-array fed lens antenna (dome antenna)

The dome antenna is another solution for providing hemispherical scan coverage
with strictly electronic scanning. This antenna as shown in Figure 6, consists of a
single planar phased array and a passive hemispherical microwave lens[3,4]. The
planar array is horizontal. However, it scans only to a small angle, for example
30° from boresight). However, in radiating through the passive hemispherical
dome lens which is composed of receive and transmit antenna elements, the
wavefront is tilted to provide scanning down to a much lower elevation angle.
Although this arrangement has some merit, the losses associated with the passive
lens, and the quality of the wavefront transformation are rather problematic and
make this option not a very viable one. It is possible to make the lens active by
introducing T/R modules between the transmit and receive elements of the lens
but then the cost and complications could become problematic.

4.5 Geodesic sphere phased array antenna
In yet another variation on the phased array concept, the array elements can be

arranged on a spherical surface as shown in Figure 7. In the array, each triangular
subarray panel constitutes a module. In each module antenna elements themselves
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are arranged in a triangular grid [5]. The beam scanning is provided by a
combination of switching the appropriate modules on or off, and by providing
phase shift in elements of each module. This conecept is at an exploratory stage
and further work is needed to flesh out the details and make it a viable alternative.

4.6 Phased array of mechanically steered reflectors

As already mentioned this array is composed of high gain directional elements
which are themselves mechanically scanned toward the desired direction in
addition to the proper phasing among the elements. Naturally this array does not
provide the beam agility of a fully electronically steered array and is in that sense
similar to a single mechanically steered array, although, the smaller reflector
elements can be steered substantially faster than a very large reflector. In essence,
this arrangement is a compromise between the phased array and the reflector
concepts, combining many of the advantages and disadvantages of the two
systems. The array element spacing must be such that there is no blockage
between individual reflectors. However the total effective area of the aperture
remains constant and equal to the sum of the aperture area of the individual
elements. As a guide to the number and arrangement of such a scheme we provide
the following. Total number of reflectors with a given diameter, D, equivalent to a
single aperture reflector diameter Do = 70m, is

N= (Dy/D)?

These reflectors can be compactly arranged in a triangular grid configuration. The
minimum spacing between adjacent elements should be greater than

s =t D/ sin(a),

in which, a, is the minimum elevation angle and t factor is a number between 1.1
to 1.2 to account for diffraction effects. As shown in Figure 8, the total number of
elements N, is arranged in a regular grid circumscribed within a circle of diameter

S. The values of N and S are related to the number of elements along the diameter
of this circle, n, by

N=(3 n2 + 1)/4, n=1,3,5, ...
S=(n-1)s+D,or

S /D=t {[(4(Dy/D)2-1)/311/2 —1}/sin(a) +1
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For 10° elevation angle limit, this is approximately
S/D=6.4(Dy/D),or S=6.4Dy

The following table gives some approximate number of elements and required
ground area for various aperture diameters

Reflector diameter, m | 2.5 5 7.5 10 125 |15
Number of elements 760 | 196 | 87 49 32 22
Area diameter, m 454 | 442 {430 | 417 |405 391
with t=1

Area diameter, m 499 | 442 | 430 |417 |405 391
with t=1.1

Area diameter, m 499 |[485 |472 458 |444 | 429
with t=1.1 ‘
Area diameter, m 544 |529 |514 {498 |483 467
with t=1.2

In a previous study a detailed look at the architecture, configuration, subsystem
costs, as well as performance reliability and other matters of such array of
reflectors was undertaken [6,7]. In light of the recent technology improvements
and cost reductions, many of these issues have been revisited by Sander Weinreb

of JPL and are presently under a separate study.

4.7 Planar Reflect-array

The planar printed reflectarray with phase shifting capability is illustrated in
Figures 9 and 10. The printed microstrip reflectarray antenna (see e.g., [8])
consists of a very thin (e.g., 1-mm at X-band), flat reflecting surface coupled with
an illuminating feed. The reflecting surface contains many isolated microstrip
patch elements without the need for an accompanying power-division
transmission line network. As in a space-fed system, the feed antenna illuminates
these microstrip elements, which are designed to re-radiate the incident field with
appropriate phase shifts in order to form a planar phase front; this operation is
similar in concept to the use of a parabolic reflector. Thus the term “flat reflector”
is sometimes used to describe the printed microstrip reflectarray, which combines
some of the best features of a traditional parabolic reflector antenna and a printed

array.
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Similar to a parabolic reflector, a reflectarray can achieve relatively high
efficiency (e.g., > 50%) with very large apertures since it does not require a
transmission-line type power divider/combiner as in the case of a conventional
array, but does it spatially, and therefore incurs very little circuit insertion loss.
On the other hand, the mainlobe of a reflectarray can be scanned quickly to
relatively large angles (e.g., > 50°) from its broadside direction just as an array
antenna can, thereby achieving remarkable beam agility. As a benchmark, a
circular 100-meter reflectarray would require 24 million and 350 million elements
at X- and Ka-band respectively.

There are several methods for reflectarray elements to achieve the desired planar
phase front. The first uses identical microstrip patches with different length phase
delay lines attached so that they can compensate for the unequal phase delays due
to the differing path lengths from the illuminating feed. Low-loss electronic phase
shifters employing micro-electro-mechanical switches (MEMS) can be inserted
into these phase-delay lines to achieve electronic beam scanning. Since the
antenna contains a very large number of elements, 2- or 3-bit phase shifters with
low insertion loss are sufficient to achieve good overall beam scan resolution.
The parallel-fed reflection-type phase shifters generally yield lower insertion loss
than the conventional series-fed transmission-type phase shifters. The second
method, which only works with circular polarization, employs identical circularly
polarized elements with different angular rotations to compensate for the feed
path length differences. Micro-machined motors can be placed underneath each
patch to mechanically rotate the element and effect fast beam scanning. With this
approach, there is nearly no insertion loss associated with the elements and beam-
scanning speeds of the order of milliseconds can be readily achieved.

By using either the electronic phase shifters or the miniature motors, the
complicated beamforming network and high-cost transmit/receive (T/R) modules
of a conventional phased array with millions of elements will be avoided.

A major drawback of the reflect-array is its narrow bandwidth behavior, which is
directly attributable to the array element spacing and the phase delay lines. A
given combination of array element spacing and phase delay lines will achieve
peak performance only at a single frequency band. Multiple frequency bands
could be achieved by using multiple vertically stacked patches, however this
would increase the system complexity.

5. Digital beam-forming and other advanced technologies
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Some of the more recent and novel technologies include optical beam-forming,
digital beam-forming, which contribute significantly to viability of a fully
electronically steered arrays. In a fully digitized system, there is no need for any
phase shifters, the received signal is amplified and down converted either to an
intermediate frequency or to the baseband, digitally sampled and then combined
with all the other signals in a digital processing center. This provides total
freedom in manipulating the signals and implementing any number of single or
multiple bema-forming arrangements.

The complication is, however, in real time processing, particularly of broadband
signal. Nonetheless, it is expected that by ever-increasing speed of digital
computers and novel parallel processing techniques, such a scheme could become
feasible in the next few years. There are a number of technology advances in the
phased array area explored and implemented by DOD and the communications
industry in recent years [9]. These issues need to be explored in some detail and
more realistic cost figures should be obtained in order to be able to ascertain the
feasibility of such systems for DSN applications in the next 10 to 20 years.

6. Summary and conclusions

In this paper we presented a review of the various phased array options for DSN
applications. The following preliminary conclusions can be reached.

The technology for design and development of a large phased array is presently
available. However, it has not reached the maturity and low cost levels needed to
make it competitive with a reflector antenna system at the present time. We
believe that in the next 10-15 years the breakthroughs in mass production
techniques at the components, modules and integrated circuit board level will be
achieved that will make it an attractive option.

There are many advantages to a phased array system as compared to the current
70m DSN antenna network. These include, high beam agility, multi-beam multi-
target applications, high reliability and easy maintainability. The disadvantages
include much higher cost at the present, complexity of multi-frequency operations,
inflexibility in adding new frequencies, and lower gain at lower elevations for a
flat horizontal array.

The technology risks and the cost drivers include, primarily, the T/R modules and
the beam-forming network architecture and implementation.
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We propose that, as a proof of concept demonstration, a small scalable flat panel
array be built and tested, in order to prove the maturity of the concept and to work
out the potential problems at the T/R module and the beam-forming levels, for -
achieving a DSN-level performance. This could be a 1m-square array at X/Ka
bands. This panel could become an element of a much bigger array composed of
such modular elements. The architecture of the connectivity and integration of this
panel into a larger system would also be part of the proposed work.
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Appendix 1.

As an example of a phased array, in an optimum triangular-grid configuration,
with half-wavelength inter-element spacing, the number of elements equivalent to
a 70-meter diameter aperture at 32 GHz (A=0.93 cm) is about 170x106.

The array perhaps will have a tapered illumination to reduce the sidelobes and
thus the received noise. This could reduce the array efficiency to 80-90% or less.
Furthermore, even if each array element is active (with LNA’s, etc.), there is still
the efficiency associated with the elements themselves that, depending on the type
of element, can be 90-95% or less. Overall, the efficiency of the array may be only
somewhat better than the reflector.

Assuming 85% efficiency for the array as compared with approximately 60% for
the reflector, for an equivalent performance we will need a total of about 120x106
elements for the array. However, in a realistic scenario not every element will
have separate LNA’s, etc. Depending on the performance requirements of the
array, it will be divided into sub-arrays of elements and each sub-array will be fed
by a separate LNA. Depending on the size of the sub-arrays (perhaps anywhere
from 16 to 256 elements, e.g., 100), the number of active components can be
accordingly reduced by one or two orders of magnitude. This will be
accomplished at the cost of some additional losses inside the sub-array network
(and hence reduced efficiency) and other performance hits.

Also, assuming that the cost per unit of active components can be reduced from
the $100 quoted by Sandy to about $10-$20 due to the economies of scale and
improvements in the technology in the next few years, the total cost of the array
can be estimated anywhere from $12 M to $120M.

In the above only the Ka-band frequency operations was considered. An X-band
frequency operation (at about 8 GHz) by itself would require (32/8)2=16 times
fewer elements and will be much less costly. However, an additional complication
in all of these phased array approaches will be the shared-aperture multi-frequency
operations. If both X- as well as Ka-band and perhaps even higher frequencies,
such as 40 GHz for Human Exploration of Deep Space (HEDS) program, are
required within the same aperture area, the questions of element overlapping or
interleaving and associated complications regarding mutual coupling, grating
lobes, beam-forming networks, etc., become paramount and complicated to solve.
A more straightforward and much simpler solution will perhaps be the use of
separate arrays for each frequency band.
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Scanning gain loss of a horizontal planar
filled-aperture array versus elevation
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Figure 1. Scanning gain loss of a horizontal planar phased array versus elevation
angle

Figure 2. Schematic of a planar horizontal phased array with scanning range: £80°
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Figure 3. Schematic of a mechanically rotated 50°-tilted planar phased array with
electronic scanning in elevation: £40°.

Figure 4. A four-face phased array arrangement: individual array scan: +45°
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Figure 7. Schematic of a Geodesic sphere phased array antenna. Each face is a
subarray. (Based on [5])

Figure 8. A triangular lattice of reflector elements,
N = (3n2+1)/4 n=1,3,5,.. N=1,7,19, 37,...
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Figure 9. Concept of printed reflect-array antennas.
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Figure 10. Beam scanning can be achieved by using electronic phase shifters or
micro-machined motors located underneath each patch element.
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ABSTRACT

The ability to use Phased Arrays in a multifunctional role requires a
high degree of isolation between transmit and receive apertures.
Conventional arrays achieve this isolation by using time division
multiplexing, pulsed operation, or fixed multi-pole filtering after each
element. With the development of multifunction array systems, like the
Advanced Multifunction RF Concept (AMRFC), that has multiple
capabilities (radar, electronic warfare, and communication), the ability to use
these conventional isolation methods can be severely limited due to the
multifunction requirements imposed by each of these functions. The use of
materials and blended surfaces helps mitigate the effects of scattering and
surface wave coupling which tend to decrease the isolation between arrays.
Near-field measurement techniques and computer simulations have helped
isolate the various modes of coupling between two arrays and have led to a
better understanding of array-to-array coupling. Isolation measurements
have been performed on two 44-element dipole arrays with and without
various isolation treatments. This paper presents these measurements and
the solutions required to achieve the high degree of isolation needed between
two multifunctional arrays.
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1.0 INTRODUCTION

With the current development of stealthy ship designs, the use of multiple
embedded arrays is required to maintain a stealthy advantage. Previous ship
design typically incorporated separate antenna systems for each functional
requirement, which distributed a multitude of antenna structures over the ship’s
superstructure, which increased the ship’s RCS. The Navy is currently
undertaking a program named AMRFC [1-3], which will reduce the number of
antennas present on a ship. This is achieved by incorporating several functions
into a single aperture. In order to accomplish this task, separate transmit and
receive apertures are required. One issue that is currently being addressed is the
ability to reduce coupling between arrays when embedded into a structure.

The design and implementation of embedded multifunctional array systems
require new techniques to improve receiver-to-transmitter isolation as compared
to separate stand-alone systems. Since stand-alone systems are optimized based
on a single functional requirement, the ability to isolate the receiver from the
transmitter can be achieved by physical separation, filtering, or (time, frequency,
polarization) multiplexing. A typical communication system can incorporate
filtering and frequency or polarization multiplexing to achieve the high degree of
isolation required for optimum performance. With an advanced EW system,
electrical performance is directly related to the isolation achievable between the
transmit and receive antennas. This isolation is typically accomplished by
physical separation and use of absorbing structures to minimize antenna coupling.
Since the majority of radar systems utilize pulsed signals, isolation between the
receiver and transmitter can be accomplished through circulators, limiters, or
switches. All of these conventional systems are able to operate at peak
performance by applying various isolation techniques that are tailored to each
individual system; however, most conventional isolation techniques cannot be
directly applied when a single aperture performs multiple functions.

This paper discusses the various coupling mechanisms and their measurement.
The first section discusses the impact on receiver performance as viewed from an
isolation standpoint. The second section discusses the computational aspect of
array-array isolation, and the final section deals with the various isolation
configurations and measurement results.

2.0 ISOLATION OVERVIEW

To discuss what various techniques can be utilized to improve the isolation
between receive and transmit antennas, it is first necessary to define what
determines the degree of isolation required in a typical receive array. The impact
of isolation is broken down into two cases: noise and signal isolation.
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2.1 Noise Isolation Requirements

In this case, the degree of isolation is solely based upon the increase in the
receiver noise figure due to the coupling with noise from the transmit antenna.
Figure 1 shows a typical array configuration with transmit and receive apertures
imbedded in a structure. Let Nt be the total noise generated by the transmit
aperture. This noise induces a corresponding noise Ny at each element of the
receive array. The noise isolation I, is the ratio

I, = N7/ Nr. (1)

Figure 1. Generic Transmit-Receive Antenna Configuration.

Figure 2 shows a typical receiver front end that consists of a low noise
amplifier (LNA), amplitude and phase control, and a K-way power combiner.
The effective noise power density present at an antenna element port just prior to
the LNA is given by

Nesr (dBm) = — 174(dBm) + F (dB) + Ny (dB) - I, (dB), Q)

where —174 dBm is the thermal noise in a 1 Hz bandwidth, and F is the receiver
noise figure. The maximum allowable coupled noise power density, Npmay, at the
element port depends on how well this noise is coupled from element to element.
If it is highly correlated, the noise power density at the output of the K-way power
combiner will be very high. On the other hand, if this noise is statistically
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independent from element to element, then its contribution at the output of the
power combiner will be small. One can define the maximum allowable noise
power density, Nmax, at the antenna port as

Niax (dBm) = — 174 (dBm) + F (dB) - C (dB)-M (dB),  (3)

where C is the correlation factor, and M is the margin.

The correlation factor defines how well the noise is correlated across the
array aperture. If all noise sources corresponding to the K elements are perfectly
correlated across the receive array, C is given as

C(dB) = 10 log (K). @)

Typically, some of the noise across the aperture will be somewhat correlated and
can be approximated by C/2.

As an example, consider an external signal (—~190 dBm) that is incident on
each element of a 1000-element array (K=1000). The LNA has a noise figure of 4
dB with a gain of 20 dB and is summed, as shown in Figure 2, with a K-way
power combiner (PC). The resulting noise figures are given in Table 1 for various
correlation factors (all components are assumed lossless).

Correlation Factor | Internal Noise | External Noise Resulting
@ output of PC | @ output of PC | Noise Figure
30 -150 (dBm) -139 (dBm) 23 dB
15 -150 (dBm) -155 (dBm) 52dB
0 -150 (dBm) -170 (dBm) 4.0dB

Table 1. Receiver Noise Figures vs Correlation Factor.

Since each transmit-chain design will incorporate numerous noise sources, the
total noise associated with a transmit array is the sum of all noise sources in the
transmitter chain and is based upon array configurations. A typical multifunction
transmit array signal chain may include (1) a waveform generator, (2) an up-
converter, (3) subarray amplifiers, and (4) module electronics and power
amplifiers. All of these components contribute to the total noise power radiated
from an antenna element. To calculate the total radiated noise power from the
array in a one hertz bandwidth, one computes
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N1 (dBm) = Kt (dB) + Npoq (dBm), (5)

where Npoq is the total radiated noise power density from a single radiating
element and Kt is the number of antenna elements in the transmit array. As an
example, assume after summing all noise contributors that Npoq =110 dBm, Kt
=1000. Then by equation (5), Ny =— 80 dBm.

Amplitude and

LNA Phase Control

=
—
®

VYV VVY

K-way
#2. Power
Combiner
3@

# K@

Figure 2. Typical Receiver Front End.
To determine the minimum isolation required for a given noise figure, the
noise isolation I, is given by
Imin (dB) = Nt (dBm) — Ny (dBm), (6)
Inin(dB) = Nt (dBm) + 174 (dBm) — F (dB) + C (dB) + M (dB), @)
where M is the margin, usually assumed to be 10 dB. Table 2 shows the required

minimum isolation I, for different values of C, when the numbers of receive
elements K is 1000.
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Best Case Worst Case Typical Case
C 0dB 30dB 15 dB
Imin 98 dB 128 dB 113 dB

Table 2. Minimum isolation values for various correlation factors.

The worst-case correlation factor (C = 30 dB) represents the unlikely event
where all of the coupled noise signals, at every receive element, add in-phase in
the power combiner. The best-case correlation factor (C = 0 dB) represents an
equally unlikely case where all coupled noise signals are statistically independent
from element to element. The most likely case, termed the “Typical Case”, where
C = 15 dB, is simply midway between the two extreme cases. As Table 2 shows,
even the typical required I, may be difficult to achieve.

2.2 Signal Isolation Requirements

The second isolation requirement is based on array-element signal coupling
that will put various stages of a receiver system into 1dB compression (P1dB).
The signal isolation is given by

L=T/R, ®

where T is the total signal power that is being transmitted and R is the signal
power measured at a single element in the receive array. Figure 3 presents a
typical multifunctional (utilizing subarrays) receiver front-end consisting of a
receiver module, subarray power combiner and driver, aperture power combiner,
and communication and digital downconverters. The parameters in Figure 3 are
the module noise gain Gy, the subarray noise gain Gsa, the subarray correlation
factor Csa, the aperture noise gain Gap, and the aperture correlation factor Cap.

In order to predict the required isolation needed for the above generic receiver
configuration, it is necessary to determine the input power levels that will cause
the system to go into compression at various stages in the receiver chain. For the
receiver shown in Figure 3, the stages are defined by equations in Table 3.
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Figure 3. Receive array gain and power definitions.

Stage Output 1 dB Output Power Levels
Compression Point

Module P1dBym Sm= R+Gum
Subarray P1dBsa Ssa =R+ Gy + Gsa + Csa
Communication
Down Converter P1dBc Sc=R+Gum +Gap+ Car
Digital
Down Converter P1dBp Sp=R+Gm +Gp+Csa

Table 3. Output power levels for various receive stages.

By replacing S with P1dB and rearranging the expressions in Table 3, one can
calculate the power level at each element that forces a particular part of the
receive chain into 1 dB compression:

Ry =P1dBy — Gy, &)

Rsa =P1dBsa — Gum — Gsa— Csa, (10)
Rc=P1dBc — Gv — Gar— Cap, (11)
Rp=P1dBp — Gy — Gp— Csa. (12)
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Substituting (9) — (12) into (8) and adding the margin term M yield
Iv (dB) = T(dBm) - P1dBy + Gy + M, (13)
Isa (dB) =T(dBm) - P1dBsga + GM + Gm + Csa + M,  (14)
Ic (dB) = T(dBm) — P1dBc + Gy + Gap + Cap + M, (15)

Ip (dB) = T(dBm) — P1dBp + Gy + Gp + Csa + M, (16)

where each subscript indicates the isolation required to prevent that part of the
receive chain from entering compression.

As in the case of noise isolation, the correlation factors depend on the number
of elements or subarrays. Table 4 shows the level of the correlation factors for the
various cases based on a 1000-element array with ten 100-element subarrays.

Correlation Factor Best Case Worst Case Typical Case
Csa 0 dB 20 dB 10 dB
Cap 0dB 30dB 15 dB

Table 4. Receiver correlation factors.

For example, compute I for T = 1000 watts, P1dBc = —20 dBm, Gy = 30 dB,
Gap = -10dB, and M = 3 dB. Then the required isolation that keeps the
communication receiver out of 1dB compression by 3 dB is shown in Table 5 for
different values of the aperture correlation factor Cap.

Best Case Worst Case Typical Case
Cap 0dB 30dB 15dB
Ic 103 dB 133 dB 118 dB

Table 5. Communication stage minimum isolation requirements.
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In summary, the multifunction array designed must consider two types of
isolation. Noise isolation is required in order not to raise the effective noise
figure of the receive chain, and signal isolation is required to prevent signal
compression in the receiver chain. Both impose very stringent requirements on
isolation (> 100 dB).

3.0 SIMULATIONS
3.1 ANTENNA COUPLING

Simulating antenna isolation and coupling is viewed as an integral part of the
engineering process to control coupling through design. Detailed simulations of
complex antennas require high-accuracy solutions to capture the complete
coupling physics that occur between near or distant apertures. The computer
simulations discussed here are based on two purely numerical solutions to
Maxwell’s equations, a method of moments (MoM) integral-equation solution
called Carlos3D and a finite-difference time-domain (FDTD) method called
FDTD3D. Carlos3D was written by the Boeing Company [4] while the FDTD
code is unique to NRL [5].

The antenna considered here consists of a dipole antenna element that is
driven by a 50-Q coaxial line and is impedance matched with a split-tube balun.
The results of simulations for a single dipole and small arrays of dipoles are
compared to measured data.

3.2 BALUN-MATCHED DIPOLE ELEMENT

The dipole element that is modeled with Carlos3D and FDTD3D is shown in
Figure 4. This element is designed to be driven by a standard 50-Q coaxial cable
and mounted perpendicular to a ground plane. The numerical model of this
antenna shown in Figure 5 was created using the CAD package GiD (details can
be found at http:/gid.cimne.upc.es), with the help of an NRL Fortran
postprocessor to divide the mesh into parts based on facet type and boundary
conditions.

In total, the numerical model of the dipole element was broken down into 11
separate surface pieces. The division of the model into this many sections was
required to keep triangular and quadrilateral mesh elements separated, to insure
that the correct boundary conditions were applied to particular sections and to
allow the formation of physically correct electrical junctions between intersecting
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surfaces. An exploded view of the mesh is shown in Figure 6 that lists the
boundary condition and the mesh element for each section of the separated model.

Figure 4. NRL dipole with slotted tube impedance matching balun.
The resonant frequency of the dipole is approximately 3 GHz.

Each shade represents a separate part containing a piece of the finished model.
The bottom section is a length of coaxial waveguide that is below the ground
plane. The model contains both triangle and quadrilateral surface patch elements.
The walls of the balun are modeled as infinitely thin surfaces.

The complex S-parameter S;; for the balun-matched half-wave (@ 3 GHz)
dipole was calculated over the frequency range of 2 to 4 GHz. This range was
chosen so that the midpoint (3 GHz) corresponds both to the resonance of the
dipole and to the quarter-wavelength of the slot. After calculating S;; with
Carlos3D and FDTD3D, its value was converted into a voltage standing wave
ratio (VSWR) and is plotted in Figure 7, along with the measured VSWR of a
single dipole.
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Figure 5. Numerical model of the balun-matched dipole.

The prediction of the VSWR of the dipole using the FDTD method captures
the structure in the VSWR over the frequency band much better than the MoM
method in this case. In particular, Carlos3D provides an overly optimistic
estimate of the VSWR from 2.75 GHz to 4.00 GHz; whereas the FTDT3D
estimate is cautious (lies above the measured curve). Note the small dip in the
VSWR around 2.25 GHz that the FDTD method reproduces but the MoM method
fails to capture. The authors believe that the discrepancy between Carlos3D and
FTDT3D curves is attributable to the fact that the Carlos3D assumes zero
thickness for the balun wall of the dipole while FDTD3D models the wall
thickness. The cross sectional slice through the balun center in Figure 8 illustrates
how the FTDT3D model incorporates the balun thickness, thereby providing a
more accurate geometrical representation. Apparently, the VSWR is sensitive to
the thickness of the balun wall.
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Figure 6. Exploded view of the dipole geometry used with Carlos3D. Each
piece is labeled with its boundary condition, numerical order, and element
type. The boundary conditions are perfect electrical conductor (PEC),
impedance boundary condition (IBC), and aperture in the ground plane
(Aper). The mesh elements are triangular patch (tri) and quadrilateral patch

(quad).
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Figure 7. Calculated and measured VSWR of a single balun-matched
dipole in an infinite ground plane driven by a 50-C2 coaxial feed line.
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Figure 8. Cross-sectional slice through center of the dipole.
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3.3 ARRAY OF DIPOLE ELEMENTS

An array of antenna elements was constructed for Carlos3D by exercising an
option in the input file to use the same set of geometry files repeatedly and to
translate each geometry to a new position. This approach is efficient for
constructing antenna arrays since the numerical mesh for a single element is all
that is required. This method was used to construct the 7-element array of the
balun-matched dipole elements in Figure 9. The spacing was set so that the
distances in the x-direction and the y-direction are one wavelength and one half

wavelength, respectively, at 3 GHz.

Figure 9. Array of seven balun-matched dipole elements. The wire frame
image was generated with the Boeing program, MrPatches, using diagnostic
output from Carlos3D. The spacing of the elements is 1 A along the x-axis and
V4 A along the y-direction based on a frequency of 3 GHz.

The S-parameters for the 7-element array were computed using a
configuration where six of the element ports were terminated with a matching
load and the center element was energized. The termination was implemented by
setting the surface impedance of the source aperture to unity; this impedance
boundary condition effectively absorbs any energy propagating down the coaxial
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line toward the source port. The energized port was given a voltage of 1 volt.
The calculated VSWR for the small array is shown in Figure 10. The VSWR of
the array is for the center element, and the edge elements are terminated with a
50-Q load resistance. In this simulation the mutual coupling of the array elements
has the effect of producing a better impedance match at 3 GHz.

6
5 -
e 4
=
2
3 .
2 -
...—e=—_single element calculated. .
] —v— 7 element array calculated
T T T
1 2 3 4 5

GHz
Figure 10. Calculated VSWR of a single dipole and a 7-element dipole array.

In Figure 10 only one port of the array was energized so the S-parameter set
consisted of a single number. In the Carlos3D modeling it is possible to energize
all the ports in the array and compute intra-array antenna mutual coupling. A
calculation of this type was performed by rearranging the elements into a linear
array with half-wavelength spacing and by adding a duplicate array at a fixed
distance from the first array. The two energized ports were the center elements of
each linear array. The other antennas were connected to coaxial ports but were
terminated with matching loads. This configuration is shown in Figure 11 for
two, identical, 7-element, balun-matched dipole arrays. The center elements of
the arrays are separated by 34 inches, and inter-element spacing for each array is
1.7 inches. For the S-parameter simulations, the center elements are energized,
and the remaining dipoles are terminated into matched loads.
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Active elements

Figure 11. Geometry of an inter-array coupling simulation for two, identical,
7-element, balun-matched, dipole arrays with center elements 34 inches apart.

The results of the coupling calculation are plotted in Figure 12. Note that the |
S-parameter matrix is symmetric as required by reciprocity. Comparison of the
measured and simulated antenna coupling indicates that the coupling is greatest
near 3 GHz, where the best impedance match occurs. The smallest coupling value
is seen to occur at the highest frequency, where the impedance match is poor and
the number of wavelengths between the two elements is a maximum.

The measured data show a dipole-to-dipole coupling less than that produced
by the simulation above 3 GHz. The measured and simulated coupling is between
coaxial ports so that the dipole impedance mismatch is included. The dipole
VSWR, Figure 7, shows that the simulated impedance match is better than the
measured impedance match above 3 GHz. This could account for the offset
between measured and simulated dipole coupling shown in Figure 12 above 3
GHz. However the shape of the curves are quite similar which indicates that the
MoM method is capturing the physics of the antenna coupling interaction
correctly.
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Figure 12. Measured and computed coupling between the center elements of
identical, 7-element, balun-matched dipole arrays with 1.7-in inter-element
spacing and the active center elements are separated by 34 in.

4.0 COUPLING TRANSFER MECHANISMS

For two proximate arrays or apertures, coupling can occur via five modes:
direct coupling, diffraction, waveguide, surface wave, and leakage. Figure 13
shows the five coupling paths, all of which are highly dependent on the array
environment and structure.
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Figure 13. Coupling paths: (a) direct coupling, (b) diffraction, (c) waveguide
effects, (d) surface waves, (e) leakage.

The largest amount of coupling between the two arrays occurs through the
direct coupling between the arrays as aggregates, designated by path a. This
coupling path is present whether the arrays are imbedded in some structure or
occur in free space. This coupling mechanism is completely dependent upon the
sidelobe level at or near 90 degrees (that is, in the endfire direction to the arrays).
For arrays that are imbedded in some structure, additional modes of transfer will
occur. In particular, coupling from diffraction (path b) of the surrounding
structure may dominate the direct coupling.

The next effect that can influence the coupling between the arrays is due to the
physical make-up of the surrounding structure. If a radar absorbing structure is
used, care must be taken so that a waveguide mode (path c) is not excited in the
structure. This is also true for thick ballistic type radomes that are placed over the
arrays. At certain scan angles, it may be possible to “trap” energy inside the
radome that can then leak out in an endfire direction that will also tend to increase
the coupling between the arrays. Other types of materials (composites, metals)
may also induce surface wave coupling (path d).

Finally, the leakage (path €) between transmitter and receiver must be properly
controlled to minimize the RF coupling between arrays. Standard shielding
practices must be employed to ensure that any leakage effects are removed or

minimized.
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5.0 EXPERIMENTAL INVESTIGATIONS

To measure isolation or coupling between separate antennas or arrays, an
experimental apparatus was designed and built to allow for various antennas to be
configured and tested in a controlled environment. The measurement apparatus,
shown in Figure 14, consists of two computer-controlled turntables that are
separately mounted on a 16-foot, twin-rail assembly. To make RF coupling
measurements, an HP 8722ES network analyzer and an HP 8349B broadband
amplifier are used as the transmitter-receiver system. By placing this equipment
inside an anechoic chamber, isolation levels approaching 100 dB can be achieved.

Figure 14. Isolation Measurement Apparatus

Initial isolation measurements were performed on the 44-element dipole array,
shown in Figures 15-16, which was designed and built to look at the various
coupling mechanisms. The array has a low sidelobe level in the H-plane, while
the element spacing in the E-plane produces grating lobes starting in the middle
of the operating frequency band. By changing the frequency of the array, a
grating lobe is formed in the endfire direction and is a simple mechanism for
increasing the coupling between the two arrays. The measured and calculated
free-space E-plane and H-plane patterns are shown in Figure 17.
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Figure 15. 44-element dipole array with A/2 spacing in the H-plane and A
spacing in the E-plane.

Figure 16. Front and side views of a 44-element dipole array shown with a
beamformer attached.
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Figure 17. Measured and calculated H-plane and E-plane array patterns
at 3.2 GHz.

The shape of the array produces the low sidelobe levels in the H-plane, while
the element spacing in the array produces the grating lobes which show up in the
E-plane cuts. The grating lobes are generated when the array is operated above 3
GHz.

6.0 EXPERIMENTAL RESULTS

To validate various electromagnetic codes and to investigate the various
coupling mechanisms, a series of measurements were performed using simple
absorbing structures and artificial surfaces [6-7]. Absorbing material is used to
reduce the direct and diffraction coupling, while the artificial surface was used to
measure the effect on surface-wave coupling as well as the direct coupling.

Selected initial measurements that were made with the two 44-element arrays
using the isolation apparatus are shown in Figures 18 —20. For the first set of
measurements, standard microwave foam absorber was placed between the two
arrays in various configurations to measure the effect it had on direct coupling.
The two arrays were positioned 4 feet apart with a metal ground plane placed
between them with the absorber orientated vertically. The absorber typically
reduced the mid-band coupling by 15 dB but had little effect on the low-level
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diffraction coupling. This is seen as the rapid variation in signal levels across the
operating band due to the diffraction signal interfering with the reduced direct
coupling signal. When the absorber is oriented horizontal to the ground plane, the
direct coupling is reduced by only 10 dB, but the effect of diffraction coupling is
reduced by noticing the rapid variation signal is reduced. When the absorber is
raised above the ground plane, the direct coupling is reduced to the levels
produced when the absorber is oriented vertically. The direct coupling energy
appears to be located approximately 2 inches off the surface of the metal ground
plane. Further investigations are planned to map the fields over the surface to
have a better insight on how the energy is transferred between arrays.

The second set of measurements investigated an artificial surface placed
between the arrays. The artificial surface is made from a corrugated surface with
M4 grooves cut to 3 GHz. Figures 21-22 show two different
configurations with corresponding data. The corrugated surface works well with
correlated sidelobe (large levels due to element-element phasing) but has little
effect on coupling in the far out sidelobes which are due mainly to diffraction and
scattering effects. The corrugated surface reduces the direct-couple E-plane
signal by approximately 15 dB, as shown in Figure 22. The coupling in the H-
plane is due mainly to the diffraction effect and is not affected by the corrugated
surface as seen in Figure 21.

The last data set, shown in Figure 23, displays the effect of decoupling the
array-element pair by physical separation [8]. It is very interesting to note that the
top curve is calculated using the far-field approximation [9], including the
measured gain of the transmit array and receive element. The measured data
shows the monotonically decreasing amplitude as a function of distance that is
representative of power measurements in the far-field. This data set shows that in
the endfire direction, the far-field condition exists very close to the array. As the
observation point moves towards the boresight direction, the far-field moves out

to the typical 2D?/ A distance.
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Figure 18. The upper curve displays direct coupling without the absorber, while |
the bottom curve displays the coupling with a 4-inch vertical absorber midway
between the arrays.
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Figure 19. The upper curve displays direct coupling without the absorber, while

the bottom curve displays the coupling with the 4-inch vertical absorber midway
between the arrays.
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Figure 20. The upper curve displays direct coupling without the absorber; the
middle curve displays the coupling with the 4-inch horizontal absorber on the
surface; and the bottom curve represents the absorber raised 2 inches above the
surface.
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Figure 21. The upper curve (1) displays the coupling between the array (low
sidelobe direction) and the element without the corrugated surface; while the
second curve (2) displays the coupling with the corrugated surface placed midway
between them.
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Figure 22. The upper curve (1) displays the coupling between the array (grating
lobe direction) and the element without the corrugated surface while the second

curve (2) displays the coupling with the corrugated surface placed midway
between them.
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Figure 23. The upper curve displays the calculated coupling vs distance when the
element is moved relative to the array (E-plane). The lower curve is the measured
coupling data from the isolation apparatus for the same conditions.
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7.0 SEA-SURFACE INTERACTION

Besides the array-to-array isolation, another isolation concern arises from
signals being reflected off the sea surface, as well as from nearby objects. Most
decoupling techniques developed for embedded arrays don’t directly isolate these
arrays from any environmental effects. To bound the coupling levels from sea-
surface interactions, a series of sea-surface models [10] were investigated using a
10 x 10 element array located 50 feet above the sea surface. The data shown in
the following figures are calculated for vertically polarized signals at 10 GHz and
sea state 3. The received signals were summed (RMS) to represent the worst-case
scenario; actual data would typically be lower than what was calculated.

Figure 24 shows a typical antenna pattern for a uniformly illuminated
rectangular 10 x 10 array and the corresponding relative return from the sea
surface as the array is scanned over a + 60 degree azimuth/elevation sector. The
large amount of backscatter seen at high elevation angles is due to the increase in
sidelobe levels pointing towards the sea surface. The scalloping seen in'the
backscatter data is due to nulls of the antenna pattern being placed on the sea
surface as the array is scanned. Figure 25 shows the backscatter levels from the
same array but with the array tilted back 15 degrees. By tilting the array, the
higher level far-out sidelobes that are normally produced are moved out over the
sea-surface to a lower backscatter angle. This effectively decreases the overall
backscatter from the surface. As a result of this effect, a 15-degree tilt improves
the backscatter isolation by over 20 dB.

Another technique to improve the backscatter is by orienting the array in a
diamond configuration, as shown in Figure 26. The backscatter improves by
another 20 dB over the rectangular case. In this case, the sidelobes in the 45-
degree plane are very low due to the geometry of the array. This places very low
sidelobes on the sea-surface, which in turn reduces the coupling from the sea-
surface. An extension to this is to use the rectangular array with amplitude
weighting applied. Figure 27 shows the results of placing a 40 dB Taylor (Nvar =
5) weight across a rectangularly orientated transmit array. With this level of
amplitude taper and array orientation, the effect of sea scatter can be greatly
reduced. The total amount of signal reduced due to the 40 dB Taylor weight is
around 2.5 dB, but the isolation improvement is over 40 dB.

Improvements in isolation due to sea-surface interactions can be achieved
through the use of various physical arrangements, including array tilt and/or
orientation. If the optimum array orientation can’t be achieved, the use of
amplitude tapering across the array can used to produce the same effect. The loss
in gain due to amplitude tapering is typically outweighed by the improvement in
isolation.
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Figure 24. The left pattern displays the array pattern of a 10 x 10 element with a
uniform distribution, 0-degree tilt, and operating frequency of 10 GHz. The right
pattern displays the backscatter from the sea surface, measured at the receive
array element as a function of scan angle for the same array geometry.
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Figure 25. The left pattern displays the array pattern of a 10 x 10 element with a
uniform distribution, 15-degree tilt, and operating frequency of 10 GHz. The right
pattern displays the backscatter from the sea surface, measured at the receive
array element as a function of scan angle for the same array geometry.



Color Pattern Plot (dB)

o 9
10 60
o o
©Q [1%]
S0 gﬂ
sl &
S0 ©
®
< 0
0 ¢
Q
©
>
50 ®-30
ul

20 20 40 60

Elevation Scan Angle (degrees)

-60  -40

60 -40 -20 20 40 60
Azimuth Scan Angle (degrees)

60 90

-80 -60 -30 0 30

t |
4 -86 -78 -70

-110 -102 -9

Azimuth Angle (degrees)

Relative Amplitude (dB)

Figure 26. The left pattern displays the diamond array pattern of a 10 x 10
element with a uniform distribution, O-degree tilt, and operating frequency of 10
GHz. The right pattern displays the backscatter from the sea surface, measured at
the receive array element as a function of scan angle for the same array geometry.
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Figure 27. The left pattern displays the rectangular array pattern of a 10 x 10
element with a 40 dB Taylor distribution, 15-degree tilt, and operating frequency
of 10 GHz. The right pattern displays the backscatter from the sea surface,
measured at the receive array element as a function of scan angle for the same

array geometry.
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8.0 SUMMARY

The ability to minimize the coupling between embedded arrays requires a full
and complete understanding of the receiver, the transmitter, and the isolation
coupling mechanisms between them. Once the basic isolation levels are
determined, each path of coupling must be identified and addressed. Using
artificial surfaces or absorbing surfaces can minimize the effect of direct coupling
(correlated sidelobes). To reduce the effects of scattering or diffraction
(uncorrelated sidelobes), close attention must be paid to the array-surface
interface. All surfaces must be blended, and all sharp edges must be eliminated.
The introduction of any thick (ballistic) radome must also be carefully
investigated for any possible trapped energy vs scan angle. The development of
new exotic materials may help with reducing surface-wave coupling [11-12].
These types of materials are based on Photonic Band-Gap technologies and show
promise for suppression of unwanted surface waves using very thin materials.

A thorough understanding of an array’s external environment must also be
investigated. In particular, various sea-surface interactions must be understood in
terms of an array’s height above the surface. The use of array tilt, orientation, and
amplitude tapering on transmit must be utilized to improve the backscattering
introduced from the sea surface.

Finally, the use of standard decoupling procedures between the transmitter
and receiver system isolation must be implemented for the power supplies and RF
subsystems.
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Analysis of a Thick Dichroic Plate with
Arbitrarily Shaped Holes

W. A. Imbriale
Jet Propulsion Laboratory
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A thick dichroic plate acts as a frequency selective surface (FSS) in that it is
transparent at one frequency while at the same time reflective to other frequencies.
It is used in the DSN to enable simultaneous multiple-frequency operation. Most
of the plates currently in use were designed with programs that analyzed only the
simple geometries, such as circular or rectangular holes. Since it is too expensive to
experimentally determine the FSS parameters, only designs that could be accurately
analyzed were chosen, and it is the primary reason why the recent F'SS designs use
rectangular holes. To achieve the sharp corners of the rectangular holes, it was
necessary to use an electrical discharge machining (EDM) manufacturing technique.
This manufacturing technique is expensive, and an important use of the arbitrary-
shaped analysis is to enable designs that use rounded corners that are able to be
manufactured by less expensive techniques.

The analysis is accomplished by combining the finite-element method (FEM)
for determining the waveguide modes of arbitrarily shaped guides with the method
of moments and Floquet mode theory for periodic structures. The software was
verified by comparison with previously measured and computed dichroic plates.

l. Introduction

The ability to transmit and receive simultaneously at multiple frequency bands is an important re-
quirement for the DSN. This is usually accomplished either by using a dual-band feed or by using separate
feeds and a frequency-selective surface (FSS), typically referred to as a dichroic plate.

The first use of a dichroic plate was as part of the reflex-dichroic feed system used on the 64-meter
antenna [1]. This first dichroic plate consisted of circular holes in a half-wavelength-thick metallic plate.
All subsequent dichroic plates used in the DSN were also thick plates with holes. The discussion that
follows treats the most general case of the analysis of a thick dichroic plate with arbitrarily shaped holes
at arbitrary angles of incidence. However, most of the plates currently in use in the DSN were designed
with programs that analyzed only the simple geometries, such as circular [2] or rectangular {3] holes. This
analysis limitation also impacted the choice of FSS designs. Since it is too expensive to experimentally
determine the FSS parameters, only designs that could be accurately analyzed were chosen, and this is

1 Communications Ground Systems Section.

The research described in this publication was carried out by the Jet Propulsion Laboratory, California Institute of
Technology, under a contract with the National Aeronautics and Space Administration.
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the primary reason why the recent FSS designs use rectangular holes. To achieve the sharp corners of
the rectangular holes, it was necessary to use an electrical discharge machining (EDM) manufacturing
technique. This manufacturing technique is expensive, and an important use of the arbitrarily shaped
analysis is to enable designs that use rounded corners that are able to be manufactured by less expensive

techniques.

The analysis parallels the development for the rectangular-hole case except that the waveguide modes
are generated using the finite-element method instead of using the closed-form expressions available for

the rectangular waveguide.

The relationship between the holes, the array lattice of an infinite dichroic plate, and the incident wave
is shown in Fig. 1. The design variables are the hole size and shape, lattice size and shape, thickness
of the plate, dielectric constant in the hole, and angle of incidence of the linearly polarized wave. The
program calculates the amplitude and phase of both the transmission and reflection coefficients of the
two orthogonal linear polarizations—the transverse electric (TE) and transverse magnetic (TM).

The analysis of a thick dichroic plate with arbitrarily shaped holes is carried out in a series of steps
very similar to the technique described in [3]. First, a model of a half-space infinite array is constructed.
A complete set of basis functions with unknown coefficients is developed for the waveguide region (wave-
guide modes) and for the free-space region (Floquet modes) [4] in order to represent the electromag-
netic fields. Next the boundary conditions are applied at the interface between these two regions. The
method of moments is used to compute the unknown mode coefficients [2,5]. The scattering matrix of
the half-space infinite array is then calculated. The reference plane of the scattering matrix is moved
half-a-plate thickness in the negative z-direction. Finally, a dichroic plate of finite thickness is synthe-
sized by positioning two plates of half thickness back to back. The total scattering matrix is obtained by
cascading the scattering matrices of the two half-space infinite arrays.

z /INCIDENT WAVE
A

0
L9,

»\ y

/ e FREE-SPACE REGION

1) ///[@ s ﬁk}; 00\06@6
A7 AT WL x
A
L3 t :y FREE-SPACE REGION

Fig. 1. Geometry of a thick dichroic plate with holes.

Il. Finite-Element Formulation of the Waveguide Problem

The analysis starts with an infinite array in half space (Fig. 2) consisting of a free-space region (z < 0)
and a waveguide region (z > 0). The electromagnetic fields in each region are represented by a set of
orthonormal basis functions, Floquet and waveguide modes, respectively, that satisfy Maxwell’s equations.

The finite-element method is used to compute the waveguide modes. The development is given in
several references, including [6], but will be repeated here for completeness and notational conformance.
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Fig. 2. Half-space infinite array with reference at z= 0.

As is well known, the propagating mode of a hollow, uniform waveguide may be determined by solving
the two-dimensional scalar Helmholtz equation,

(V2+k*) T =0 (1)

Here U represents the magnitude of an axially directed electric or magnetic Hertz vector. If the trans-
verse electric (TE) modes of the guide are desired, ¥ is the electric Hertz vector, and must satisfy the
homogeneous Neumann boundary condition

oY
5 =0 2)

while the transverse magnetic (TM) modes are obtained if U is taken to be the magnetic Hertz vector,
subject to the boundary condition

v=0 (3)

everywhere along the guide walls.

Rather than attempting to solve this eigenvalue problem directly, the finite-element method reframes it
in variational terms. It is shown in books on mathematical physics [7] that the solution of the Helmholtz
equation with homogeneous boundary conditions is equivalent to minimizing the functional 7 defined by

F = // (— |gramd<p|2 + k2cp2> dxdy (4)
R

The region of integration is, of course, the waveguide cross-section. If a trial solution w(z,y) is represented
geometrically as a surface spanning the region R over the x~y plane, the correct surface U(z,y) is that
which yields the smallest possible value of F.

In the finite-element method, the correct solution will be approximated by a surface v (z,y) made up
of finite surface elements of a simple kind. For simplicity, all the elementary regions are taken to be
triangles. Corresponding to each elementary region, a surface element will be defined by requiring o(z,y)
to be a linear function of its values at the vertices; thus ¢ is then defined by
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N
z,9) = )_ () (5)
i=1
F is now an ordinary function of the parameters that define ¢, in this case the vertex values y;:

Flp) = F(p1,02, > ¢N) (6)

The solution is found by minimizing F with respect to all the parameters. That is, it will be required
that

L ™

for all m. If the region R contains altogether N vertices, this minimization requirement changes Eq. (4)
into a matrix eigenvalue problem of order NV, as will be shown next.

A. The Matrix Eigenvalue Problem

In view of Eq. (6), the minimization requirement, Eq. (7), is equivalent to

// lgrade[ dzdy = k? // o p2dzdy (8)

Differentiating repeatedly, one finds from Eq. (5) that

da, Oa Oa,, fa
o |grad90| = QZ ( pe &: + —3_?}_-37k> Pk (9)

everywhere within an elementary region that abuts on vertex m. Elsewhere, s is zero, so that the
right-hand side vanishes. By carrying out a similar differentiation, one next finds that

P N
2 § :

where again nonzero terms arise on the right-hand side only if both vertices m and k are vertices of the
triangle in question.

It will be convenient to define the purely geometric quantities

day, Bak Oct,y, Oay,
o= [ (G + T ) e (1)
and
kaz// oo dzdy (12)
R
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which express the nature of the region R and the manner of its subdivision into elementary regions. In
terms of these integral quantities, Eq. (8) reads

S® = k*T® (13)

where ® is the column matrix of vertex values p;, and S and T are square matrices of order N, whose
elements are S,z and Tk, as defined above. Minimization of F is thus equivalent to the eigenvalue
problem, Eq. (13), and solution of the latter will provide approximate eigenvalues and eigenfunctions for
the boundary-value problem. It will be noted that S and T are always symmetric, and the eigenvalues
therefore always real.

B. Matrices S and T for Triangle Elements

If linear triangular elements are used, the unknown function ¢ within each element is approximated as
¢°(z,y) = a + bz + c°y (14)

where a¢, b, and ¢* are constant coefficients to be determined and e is the element number. For a linear
triangular element, there are three nodes located at the vertices of the triangle (Fig. 3). Assume that
the nodes are numbered counterclockwise by numerals 1, 2, and 3, with the corresponding values of ¢
denoted by ¢¢, ¢5, and ¢§, respectively. Enforcing Eq. (14) at the three nodes, we obtain

@5 = a® + b°x§ + c®yf
¢ = a° + %05 + %
5 = a® + b°z§ + c®y;

Solving for the constant coefficients a®, b¢, and c® in terms of ¢§, and substituting them back into Eq. (14)
yields

3
¢°(z,y) = D Ni(z,9)¢5 (15)

=1

where Nf(z,y) is the interpolation or expansion functions given by

3

Fig. 3. Linear triangular element.
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1
N]‘-’(r,y)=ﬁ(a§+b§x+0§y), i=12,3 (16)
in which
of = zoys —y5x5; i =y5 —u5  Cf = 25— %3
a5 = z3yf —yizh; bi=ys—uf; g =21 - a3 (1)
of = oiy; —yizs; b5 =yl ¥y €5 =23~ 2]
and
1ozf oyt
1 e e 1 € € € €
A=11 25 4 25(102—17201)
1 z§ u3
= area of the eth element - (18)

¢and y7(j = 1, 2,3) denote the coordinate values of the jth node in the eth element. It
can be easily shown that the interpolation functions have the property

In the above, z¢

_ 1 i=3
Ne ) =05 = {4 13 (19)
and, as a result, at node 7, ¢® in Eq. (15) reduces to its nodal value, ¢5.
For ease in both analysis and computer programming, it is useful to regard the matrices S and T as

being composed of sums of sparse matrices of order IV, typically s and ¢, made up of the contributions
to the S and T matrices that are attributable to only one elementary region, say the ith. That is to say,

one may write

mk - Z S(X) (20)

T = Zt(') (21)

Clearly, sf,? = tSl)k = 0 whenever n equals neither m nor k, i.e., for all elements that touch neither vertex
m nor k. Explicit expressions for the element matrix components are

@) Jdam Oay, Bam %
mk—//( ox az dy By dedy (22)
tﬁ;)k = //amakdzdy (23)
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the integrations being carried out over the ith elementary region. For triangular elementary regions, s®
and t( in general possess nine nonzero components and are symmetric. These component values are
found by substituting Eq. (15) into Eq. (22):

G 1
s = VY / / (bmbi + cmex) dzdy (24)
On carrying out the necessary integration,

i -1 e e e e e e e e
s\ = T [(@h = 29) (2 —29) + (W5 — u6) (0 — v9)] (25)

Similarly, substitution into Eq. (23) yields the surprisingly simple result

LA m#k

0] 12

=9 ] (26)
EA, m=k

Leaving out all rows and columns composed of zeros only, a single triangular element is thus described
by the matrix contributions

$11  S12 813 p1 ) 2 1 1
S91 S22 Saz | |w2 | =k [1 2 1] {¢2 (27)
S31 832 833 ¥3 11 2

where the sm are calculated from Eq. (25), and the area A is given by Eq. (18).

lil. Boundary Conditions and Method of Moments

The electromagnetic field in the waveguide is expressed as a sum of incident and reflected waveguide
modes, while in the free-space region it is expressed as a sum of incident and reflected Floquet modes.
Boundary conditions are applied at the interface between two regions, i.e., the transverse electric and
magnetic fields must be continuous across the junction at z = 0. This leads to an integral equation for the
unknown transverse electric field at the boundary. The infinite-array scattering problem then becomes
similar to a two-region waveguide problem.

The method of moments is used to transform the integral equation into a matrix equation suitable for
evaluation on a digital computer. Solving the set of linear equations gives the unknown mode coefficients
in both regions.

A. Integral Equation Formulation

In the waveguide region, the total transverse electric field and magnetic field (see Fig. 2) at z = 0t is
given by
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BpGy) = Yo ey (a? + )
i=1

(28)
HR(z,9) = Y it x e (@,9)(o? — 0¥)
=1
where €Y (z,y) represents the modal fields in the waveguide and, for TE modes,
e¥(z,y) = 2 x VUTE
(29)
YTE = T
Jwi
and, for TM modes,
&' (z,y) = - VITM
. (30)
Yyrm = e
Yi
with UTE and U™ given by the finite-element method (FEM) solution of the waveguide.
It should be noted that ¥ and V¥ are real functions and the ¥ vectors are normalized so that
/ V\IIiV\I!jds =/ €; éjdé‘ = 61'3‘ (31)
wg wg

Forming the inner product of the ith waveguide mode with the total transverse electric field, Eq. (28),
we obtain an expression for the unknown modal coefficients,

// e’ - E¥dzdy = a’ + b (32)
wg

Note that it is also possible to extend the integral over the entire Floquet cell since Er = 0 outside the
waveguide. Using Eq. (32) in the Hr field expression, it is possible to write

o0 [ee]
Hr =23 ga? (G xe) = 3 i (2 x é}”)// e x EXdx’dy’ (33)
i=1 i=1 wg

In a very similar manner, the total electric and magnetic fields at z = 0~ are given by

450




j=1
(34)
oo
Hi(zy)= -3 Y;(2xef)(of —¥f)
Jj=1
where, for TE modes,
el = 2 x VoI'E
(35)
_
TE = =
jwp
and, for TM modes,
el = —velM |
: (36)
we
Yy =2 :
However, ¢; and V¢; are complex functions that are normalized so that
V¢i . Vd)}’ds = /éi . é;ds = 6ij (37)

Floquet
cell

The Floguet modes on the skewed grid (skew angle 2) and grid spacing D, Dy (Fig. 1) are given by [4]

¢ ej(o‘mﬂi'i"ﬂny) (38)
" /DaDysin /e, + B2
for either TE or TM waves (same boundary conditions!):
2mm . '
A = — kgsin@ cos ¢ (39)
Dq
and
2mn 2rm
__2m £ Q — ko sin6si
Br DrsnG D cot  — kpsinésin ¢ (40)

where kg is the wave number in free space.

In much the same way as with the waveguide modes, we can show
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// e; Erdz'dy’ = af + bjF (41)
A

[o 0] o0
H;:—2Zaf(2xéf))’j+2}’j(zxéf)/f ej - Erda'dy’ (42)
=1 j=1 A

The transverse electric and magnetic fields must be continuous across the junction at z = 0. Thus,
equating the magnetic fields yields

oo [ o] (e}
2Zyia;"é;" +2Za§:yjef = Zy,é:" // gY . Er(z',y)dz'dy’
i=1 j=1 j=1 A

+> Vel / / e Br(z,y)de'dy’ (43)
j=1 A

B. Moment Method Solution

To solve the integral equation, it is necessary to expand the unknown electric field in terms of a set of
basis functions. The obvious choice for this is the waveguide modes €}’ (z,y). Thus,

o .
ET (I’yy/) = Z cké;c‘] (x,)yl) (44)
k=1

Substituting this expression into the integral equation and interchanging the order of summation and
integration yields

[e o] (o] o0 o0 fe o] o0
2 Z via; €y + 22 aij "JE = E Z cryi€y + E Z cijéf //A ef - &Ydx'dy’ (45)
i=1 J=1 k=1 1i=1

j= 3 k=1 i=1

To simplify the notation, define the inner product known as the intermodal coupling coefficient:
s = [[ e @) e @) 'y (46)

Using this notation, the equation simplifies to

2§:yia;“e;” + 2iafyjef =Y o | wmer + > Yiel Iy (47)
i=1 Jj=1 k 1 J

To apply the moment method, we must take the inner product with the weighting. In this analysis,
we use the same basis functions (Galerkin). Thus, multiply Eq. (47) by e} (z,y) and integrate over the
waveguide. This yields the matrix equation
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QEaéuyiJF?Zaijfej?Z Y v+ Y Yilelis| e (48)
1 3 3 7

k

Using the following definitions,

My =Y v+ Yilylx (49)
i J
and
Ge=2) afyi+2) alY;ly (50)
i i
Thus, Eq. (48) can be expressed as
Gg:‘ ZM[ka (51&)
k
or
[G] = [M][C] (51b)

The solution for the unknown mode coefficients is then given by
(] = [M]7*[G] (52)

Generally, the scattered fields are the primary quantities of interest and can be derived from the mode
coefficients. Recalling

b = / / e¥ - E¥dzdy — a? ' (3)
then
by = // ey Z cxeydzdy — aff
* (54)
b:u =C; — az"
Similarly,
bf = ch]kj - af (55)
k

453




IV. Scattering Matrix and Reference Plane

The characteristics of the infinite array referenced to z = 0 are represented by a scattering matrix S
that contains the transmission and reflection information for the free-space/waveguide junction:

S Sw2
S = 56
[521 522] (56)

where Sy, Si12, So1, and Sp2 are matrices with 1 representing the free-space region and 2 the waveguide
region. The size of matrix S1; is 2 by 2; Sag is n by n; S12 is 2 by n; Sz is n by 2; and n is the number
of waveguide modes used. For an arbitrary set of incident waveguide modes contained in vector a; and
incident TEqg and TMgg Floquet modes contained in vector az, the reflected mode vectors b; and by are
determined by the following set of equations:

by = Si1a; + S1202

(57)
by = Sa101 + S2202
Moving the reference plane in the waveguide region from z = 0 to z = —t/2 (Fig. 4), where t is the
thickness of the plate, the elements of the new scattering matrix S’ become

11(u,v) = Su(w,v) (58)

Y] . 3
S12(u,v) = Si2(u,v)exp Iy (59)

’ Lt
S5 (u,v) = Sa1(u,v) exp Iy (60)

/ .t ot

Status) = St 0o | (~ing ) (<ing )| &)

where -, and ~, are the propagation constants of modes u and v.

FREE-SPACE REGION WAVEGUIDE REGION

Fig. 4. Half-space infinite array with reference at z= -t/2.
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V. Cascading the Finite Thickness

Scattering by a dichroic plate with finite thickness can be analyzed by considering two infinite-array
problems. The space is divided into four regions: a free-space region (region I}, two waveguide regions
(regions 11 and IIT), and another free-space region (region IV), as shown in Fig. 5. The scattering matrix
with reference to z = —t/2 for regions I and 11 is S’, and the scattering matrix with reference to z = —t/2

for regions I1T and IV isS”, which is the transpose matrix of §":

St = Sk
1’2 = Sél
Sgl = 512
22 =51

(62)

(63)

(64)

(65)

The scattering matrix ST for the finite-thickness plate is determined by cascading these two matrices:

Sh=80~ S11850) 7" S1hShy + Sy
5{2 =S~ 5111552)_1 5312
S = S (I - 5551)7 85

ST, = S5 (I — 83,811) 7" 855512 + S5

where [ is a unitary matrix.

z=0 z= z=-t

Nl

REGION | REGION If REGION 1li REGION IV

! t
-—— - o — - —
2 2

| |
- t |
FREE-SPACE FREE-SPACE
REGION WAVEGUIDE REGION REGION

Fig. 5. The finite-thickness (t) plate is analyzed by considering
two infinite-array problems.

455

(66)

(67)

(68)

(69)




VI. Computing the Intermodal Coupling Coefficients

The intermodal coupling coefficients are given as

o= [[ et @) e @) aray (70)
Using Eq. (38),
ed{emz+PBny)
b = JDaD, sm /oL + P2,

then, for TE modes,
& = 2% Vomn (71)

and, for TM modes,
el = —Vomn (72)

where i represents the mn mode.
Also, for the waveguide modes, let
NT 3

OTET™M = NN Nz, v)dg ™ (73)

t=1 j=1

wHere ¢};M'TE is the solution for the ith mode of the finite-element waveguide eigenmode problem de-
scribed in Section II. Also, recall that, for TE modes,

e¥ =z x VUTE (74)
and, for TM modes,
e = VUM (75)

There are then four expressions for the intermodal coupling coefficients formed by combining TE and TM
waveguide modes with TE and TM Floquet modes.

To develop the expression for the TE waveguide, TE Floquet mode, substitute the expressions for éf
and ¥ into Eq. (70) and integrate. Defining

Slem= [ ety

ith triangle
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which is the Fourier transform of the triangular shape function for the sth triangle of the finite-element grid
(see [8] for the closed-form expression to evaluate the integral), then we can write for the TE waveguide,
TE Floquet mode

fo = — 2 (2B, + begay) *S.
= 3
e=1i=1 (,/a? + ﬂ;") (v/DsDysinQ 24.)

where ¢§ and b¢ are given by Eq. (17) for each triangle, and the @¢* are the values for the kth eigenmode
on the eth triangle. There are very similar-looking expressions for the other TE,TM combinations.

VII. The Frequency-Selective Surface Finite-Element (FSSFE) Computer Program

There are a number of steps required to compute the reflection and transmission coefficients of arbi-
trarily shaped holes in a thick plate:

(1)

(2)

The hole is defined by a sequence of z,y boundary points. There are also various sub-
routines that generate the required set of boundary points for specific shapes, i.e., rect-
angular, cross-shaped, circular, Pyle, etc.

The next step is to generate the finite-element grid. This is done using a Delaunay
triangularization with a public domain computer program, delaundo, based on a Ph.D.
thesis by Jans-Dominik Miiller [9). Delaundo creates triangular grids based on the frontal
Delaunay method (Frod) [10]. First the set of discretized curves that describes the
boundary is triangulated. This initial mesh is suitable for interpolation of a local mesh
size throughout the domain after a few modifications in the connections are made by the
algorithm. New internal vertices are then created on frontal edges between well-shaped
and ill-shaped triangles such that a new triangle with the desired size and a good shape
will result.

Thus, the algorithm is similar to the various Delaunay methods in that the resulting
triangulation observes a circum-circle criterion. It is also akin to advancing front methods
in that new vertices are introduced in layers on the boundaries in a very regular fashion.
The regularity of the point distribution and, thus, the element quality are enhanced by
an averaging process that tends to choose an equilibrium position between competing
edges when the front is refined or coarsened.

After the grid has been generated, the finite-element method of Section II is utilized to
generate the waveguide eigenvectors and eigenvalues. The S and T matrices are filled,
and the corresponding eigenvalue problem is solved using ARPACK [11], a collection of
FORTRANT7 subroutines designed to solve large-scale eigenvalue problems. ARPACK
is designed to compute a few eigenvalues and corresponding eigenvectors of a general
n-by-n matrix A. It is most appropriate for large sparse or structured matrices A, where
structured means that a matrix-vector product w < Av requires order n rather than the
usual order n**2 floating-point operations. This software is based upon an algorithmic
variant of the Arnoldi process called the implicitly restarted Arnoldi method (IRAM).
When the matrix A is symmetric, it reduces to a variant of the Lanczos process called
the implicitly restarted Lanczos method (IRLM). These variants may be viewed as a
synthesis of the Arnoldi/Lanczos process with the implicitly shifted QR algorithm that
is suitable for large-scale problems. For many standard problems, a matrix factorization
is not required. Only the action of the matrix on a vector is needed. However, for the
generalized case that exists for the finite-element problem Sz = k2T, it is necessary to
factor the matrix 7. Since T is sparse, the sparse matrix solver given in [12] is used.
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(4) The solution then proceeds as shown in Sections III through VI. The intermodal coupling
coefficients are computed and the matrix M is formed and inverted. Next the terms of the
scattering matrix for the free-space/waveguide junction are computed. The scattering
matrices are then shifted and cascaded to compute the scattering coefficients for the
finite-thickness plate.

VIII. Verification of the Computer Code

The first test of the arbitrarily shaped hole computer code was to see if it could duplicate the results
from the earlier code [3] that could only do rectangular-shaped holes. The case analyzed is the same test
dichroic plate fabricated to verify the rectangular-hole computer code. The dimensions of the plate are
H, = 1.850 cm, H, = 1.923 cm, D, = 2.388 cm, D, = 2.388 cm, and © = 60.0 deg. And, t = 3.584 cm,
with a tolerance of 0.0025 cm. Figure 6 plots the TE and TM reflection coefficients for the two codes
and demonstrates that the new code accurately computes the reflection coefficients of the rectangular
geometry. Satisfactory convergence is achieved by using 40 waveguide modes and gridding the hole with
1683 triangles. Figures 7 and 8, reproduced from (3], show that the analysis also agrees with the measured
data.

The first dichroic plate used in the DSN is described in [1] and consisted of an array of hexagonally
packed 2.237-cm-diameter holes drilled normal to the plate surfaces. The plate is 3.576-cm thick, and
the center-to-center hole spacing is 2.388 cm. It was designed using the Chen Holey Plate computer
program [2], and the computer program shows that the plate E- and H-plane resonant frequencies (30-
deg incident wave tilt from normal) are 8.481 and 8.363 GHz, respectively. The FSSFE program gives
8.497 and 8.350 GHz, respectively. The small difference is probably because the Chen program does not
use a sufficient number of waveguide modes. At the operational frequency, a differential phase shift of
11.3 deg (11.6 deg with the FSSFE program) and an ellipticity of 1.75 dB was predicted. This dichroic
plate depolarization was cured by making the holes slightly non-circular in cross section, thus introduc-
ing a different E- and H-plane phase shift to counteract the 11.3-deg phase shift. The particular hole
cross section selected was “Pyle guide” [13]. The dichroic design was approximate in that the design pro-
cedure was to adjust the guide geometry (using a program developed by Knud Pontoppidan for computing
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Fig. 6. Rectangular versus FSSFE code.
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the guide wavelength numbers [14]) until the plate electrical thickness at 8.415 GHz corresponded to
those in the original circular-hole plate at 8.481 and 8.363 GHz, respectively. There was no F'SS program
at that time that could compute the reflection and transmission coefficients for the actual Pyle plate. A
comparison of a measured Pyle plate [15] and the FSSFE program is shown in Fig. 9. For reference, a
gridding of the guide is shown in Fig. 10.

Another plate built for the DSN that was only approximately analyzed was the cross-shaped plate
[16] designed to pass both the transmit (7.145-7.235 GHz) and receive (8.4-8.5 GHz) X-band frequencies
while reflecting the S-band frequencies (2.090-2.320 GHz). The analytic technique used to design the
plate was to assume infinitely thin walls and then to build a plate with as thin a wall as possible. The
FSSFE program can analyze the exact cross geometry, including the thickness of the walls. A plot of
the measured data versus frequency compared to the calculated data from FSSFE is shown in Fig. 11,
demonstrating the accuracy of the FSSFE program. The hole geometry is shown in Fig. 12, and the plate
was 3.167-cm thick.

IX. Conclusions

A computer code that can accurately compute the reflection and transmission coefficients from a thick
dichroic plate with arbitrarily shaped holes has been described. The code was verified by comparisons
both to earlier but more restrictive computer programs (circular and rectangular holes) and to measured
data for plates built with rectangular, Pyle, and cross-shaped holes.

Both the rectangular-hole and cross-shaped-hole plates were manufactured using a very accurate but
very expensive electrical discharge machining (EDM) process. The EDM process produces very accurate
holes with sharp (square) corners. With the new analysis tool, it is now possible to design dichroics with
rounded corners that may be manufactured by a less expensive water jet or machining process. Work
is currently under way to design and fabricate dichroic plates using the less expensive manufacturing
processes and will be the subject of a follow-on article.
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As it is with many scientific/engineering endeavors, this work is built upon the
shoulders of many other people. I want to thank Dan Hoppe for his many help-
ful technical discussions, as Dan had developed a similar program for Hughes. A
significant amount of code was used from the rectangular-hole program of Jackie
Chen. Glen Welsh and Dan Hoppe modified the delaundo code to make it useful
for meshing waveguides. Tom Cwik supplied the code that was used to factor and
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Ranking and Selection Applied to
Eigen-Analysis of Array

Michael C. Wicks Pinyuen Chen
Radar Signal Processing Branch
Air Force Research Laboratory
Rome, NY 13441

Abstract: In this paper, statistical ranking and selection theory is
applied to the eigenvalue problem. Of concern is the development of a
procedure for computing the number of signals in a measurement
data vector. In our approach, the multiplicity of the noise eigenvalue
is computed, and used in calculating the number of non-noise (signal)
eigenvalues. We propose a selection procedure to estimate the
multiplicity of the common smallest eigenvalue, which is significantly
smaller than the other eigenvalues. We derive the probability of a
correct selection, P(CS), and the least favorable configuration (LFC)
for our procedures. Under the LFC, the P(CS) attains its minimum
over the preference zone of all eigenvalues. Therefore a minimum
sample size can be determined from the P(CS) under the LFC,
P(CS|LFC), in order to implement our new procedure with a
guaranteed probability requirement. Numerical examples are
presented in order to illustrate our proposed procedure. The
procedure parameters can be found from P(CS|LFC) and be used to
perform simulation studies and for data analysis. Simulation results
and numerical analysis using the US Air Force Multi-Channel
Airborne Radar Measurement data collected by Westinghouse (now
Northrop Grumman) will be presented to illustrate our theory.

1. Introduction

In the analysis of measured data, an approach that is often used involves
modeling observations as the superposition of a finite number of signals
embedded in additive Gaussian noise. This is especially true in phased
array signal processing, time-harmonic analysis, computing the natural
response of a system by estimating the number of poles from measurement
data, and in detecting overlapping target echoes from radar backscatter.
Practical adaptive array processing for airborne radar requires effective
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utilization of available degrees of freedom. The question therefore arises
how many degrees of freedom are required in a given interference
scenario. A fundamental issue in solving these problems is correct
estimation of the number of signals present.

One approach to solving this problem is based on the observation that the
number of signals present can be determined via eigen-analysis of
measured data. To do so, an accurate estimate of the covariance matrix of
the observed data vector is essential. Once this estimate is formulated,
many different techniques are available for eigen decomposition. Bartlett
[1] and Lawley [2] developed a multiple hypothesis test for multiplicity of
the smallest eigenvalue (latent root) and applied this approach to the
analysis of measured agriculture data. Schmidt [3] applied the Multiple
Signal Classification (MUSIC) algorithm to estimate the number of
incident wavefronts present in an electromagnetic signal based upon the'
eigenstructure of the covariance matrix of received data. Other hypothesis
testing and estimation methods based on eigenstructure analysis have been
proposed by Wax and Kailath [4] and Zhao, Krishnaiah, and Bai [5].

This paper uses statistical selection theory to detect the multiplicity of the
smallest eigenvalue of the covariance matrix, computed using measured
multi-channel multi-pulse radar data. A unique aspect of the proposed
methodology is that it predicts a confidence level in the estimated number
of signals. As described in the a fore mentioned articles, the number of
signals present is the difference between the total number of components
in the observed data vector and the multiplicity of the smallest eigenvalue.
In the analysis of measured data, the smallest eigenvalues may in fact be
grouped about some nominal value, as opposed to being identically equal.
We propose a selection procedure to estimate the multiplicity and value of
the smallest eigenvalue(s), which are significantly smaller than the other
eigenvalues. We derive the probability of a correct selection, P(CS), and
the least favorable configuration (LFC) for our procedures. Under the
LFC, the P(CS) attains its minimum over the vector space of all
eigenstructures. Therefore a minimum sample size can be determined from
the probability of CS under the LFC, P(CS|LFC), in order to implement
our new procedure with a guaranteed probability requirement. Numerical
examples are presented in order to illustrate our proposed procedure.

The techniques described above can be applied to the analysis of measured
data collected from any multi-channel and/or multi-pulse radar. As such, a
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new solution to the adaptive beam-forming problem arises out of the
application of ranking and selection theory to the radar problem. First, the
number of interfering signals present in a data vector is estimated using
our new procedure. Then, optimal rank reduction can be achieved given
this knowledge. And finally, adaptive processing for interference rejection
and target detection can be performed using any of the standard techniques
published in the literature (Reed, Kelly). This technique for estimating the
number of signals in noise using statistical selection theory has
applications to many other areas where eigen-analysis is useful. Note that
in this paper, correct selection includes overestimating the number of
signals. This is of particular importance in the radar signal processing
problem (Hale and Welsh [6]). The techniques discussed in this paper,
presented within the context of the radar problem, may be generalized.
Targeted approaches include multiple discriminant analysis, simultaneous
inferencing, principal component analysis, and canonical correlation
analysis and multivariate analysis of variance. As such, the analysis of
economic, educational, industrial, population, psychological, and scientific
data may all benefit from this new technique.

The paper is organized as follows. In Section 2, we formally define the
problem. In Section 3, we introduce ranking and selection formulation and
our proposed procedure. In Section 4, we give examples to illustrate the
estimation of the procedure parameter. An example using measured radar
data is given in Section 5.

2. Statement of The Problem

As described in Wax and Kailath [4] and Zhao, Krishnaiah, and Bai [5],
the observed vector of certain signal processing problems, denoted by the

p X 1 vector x(t), can be written as
q

2.1) x(t) = LA(D;))s;(t) + n(t) = As(t) + n(t)
1

where '
A =[A(Dy), ..., A(qu)], s(t) =(s1(0) ... sq(t))’, n(t) = (n (1), ..., np(t))’

and q < p. It can be seen in (1) of Wax and Kailath [4] and in (2.1) of
Zhao, Krishnaiah, and Bai [5], that the extreme case where q = p is not
realistic and therefore not addressed.
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In the above model, n(t) is a p X 1 complex vector referred to as the

additive noise distributed independently of s(t) as complex multivariate

normal with mean vector 0 and covariance matrix czlpwhere 02 is

unknown; s(t) is distributed as complex multivariate normal with mean
vector 0 and nonsingular covariance matrix y where s;(t) is a scalar
complex waveform associated with the i"™ signal; and A(®;) isapx 1
complex vector, characterized by an unknown parameter vector @;
associated with the i™ signal. A crucial problem associated with the model
described in (2.1) and considered by all the articles mentioned in Section 1
is that of determining the number of signals q from a sample
x(ty), x(tp), ..., x(t,) . The goal of this paper is to study formulations in
statistical ranking and selection theory to determine the value g.

The covariance matrix X of x(t) is given by
(2.2) T = AYA’ + o°I,

where A° denotes the conjugate transpose of A.
Let Aj 2 Ay 2 ... 2 }‘p denote the positive eigenvalues of the

240 (=120,

Q); Agsj = 04 G = 1,2,..., p-q). Therefore Hy is equivalent to the hypothesis
that q signals are transmitted. Wax and Kailath [4] used Akaike’s
Information Criterion (AIC) and Schwart Rissanen’s MDL criterion for
model selection, while Zhao, Krishnaiah, and Bai [5] used a information
theoretic criterion to estimate the value q. Haimovich [7] used asymptotic
theory to estimate the covariance matrix 2 in (2.2) under Hg. In Section 3
below, we define a selection formulation and propose selection procedures
to determine the value q.

covariance matrix £ and let the hypothesis Hg: Ai= ©

3. Ranking and Selection Formulation and the Proposed Procedure

Ranking and selection procedures are generally developed using either an
indifference zone or a subset selection approach. The literature on ranking
and selection theory is dominated by these two methods. Wicks [8] first
proposed applying statistical ranking and selection theory to radar signal
processing for covariance matrix estimation. Chen, Melvin, and Wicks 9]
used a variation of the subset selection approach in developing a screening
procedure for choosing secondary data in radar signal processing. Their
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results showed dramatically improved performance over conventional
techniques.

Consider k populations 7{,7,,...,m, Where the underlying distribution
ofm; is Fei, i =1, 2, k. In most ranking and selection studies, the k

populations are independent. They could also be k-correlated components
of a multivariate population, which possesses a multivariate distribution
with parameters of interest. As will become clear later in this paper, we
are dealing with p correlated sample eigenvalues and our parameters are
the population eigenvalues. In general, the unknown real parameter, 6;, i

= 1, 2, k, represents the value of a quantity of interest for the i"
population. By definition, we select population 7; over m; if 0; is greater
than 0;. The ordered values of 6; for all i are denoted by
(1) £6j2) < ... <0O(k. In general, 6f;) # 6;. One approach to solving

the basic problem of selecting the best population, called the indifference
zone formulation, was developed in Bechhofer [10]. In Bechhofer’s paper,
the selection of the population associated with the ranked parameter Oy
results in a correct selection (CS). For the indifference zone approach to
be of value, the procedure R must establish a lower bound on the
probability of a correct selection P(CS). The minimum value of P(CS) is
P*, with 1/k < P* < 1 whenever the separation between Oy} and 8y

exceeds some minimum specified value. Let &(6;,0 j) denote an

appropriate non-negative measure of the separation between the
population associated with 6; and 6;. For the minimum probability of

correct selection, P*, §* is the minimum separation distance. For any
specified 8* > 0, the preference zone, Qg+ is the subset of the parameter

space Q = {B|8 = (6;,...,0)} defined by Qg+ = {8]5(6y),0x-17) = 5*}.

Let P(CS|R) denote the probability of a correct selection under the
procedure R. In order for this procedure to be valid, it should satisfy

P(CS|R) = P* for all 6 € Q5+. The complement of the preference zone
Qs+ is called the indifference zone, a subset of the parameter space where
no requirement on P(CS) is made.

For the analysis of measured data, 8* and P* are specified in advance.
Suppose that the procedure R is based on samples of fixed size n from
each population. One problem of practical interest in radar signal
processing is to determine the smallest sample size n for which the
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probability requirement P* holds. In the subset selection approach of
Gupta [11], a procedure was developed to guarantee a non-empty subset of
the k given populations which include the desired (or best) population
with a minimum probability P*. Any subset, which includes the desired
population, results in a correct selection. In case of a tie, any contender
may be tagged best. Any valid procedure R should satisfy P(CSR) = P*
for all 6 Q. In the subset selection approach, the size of the selected
subset S is not decided in advance, but is determined based on the analysis
of data. The procedures developed in ranking and selection theory are
designed to satisfy the requirement for a minimum probability of a correct
selection P*. Any parameter configuration 6 which yields the infimum of
the P(CS) over Qg« in the indifference zone approach, or Q in the subset

selection approach, is called the least favorable configuration (LFC).

Many variations and generalizations of these two basic approaches have
been studied. For example, one problem involves procedures for selecting
the most appropriate sample populations better than a control
populationTy. These sample populations may then be used to estimate
other parameters of interest such as the covariance matrix. In our study of
selection procedures for analyzing the eigenvalues of the covariance
matrix in radar data, the control population can be taken as the smallest
eigenvalue. The observations are taken and their covariance matrix is
estimated. Eigenvalues are selected from those populations (eigenvalues in
our study) 7{,79 s Tp (instead of using k in traditional selection theory,

we use p here to represent the total number of components in a random
vector) having the same or similar values as the control population.

We define two disjoint and exhaustive sets Qg and Qp of the set
Q = {A, ..., Ap) by using ratio as the distance function d. That is, we
define

(3.1) d(Ai, Aj)=Ai /A5

Qg={A;,i =23, ..,p dAj, Ap) 2 8*} and Qp = Q - QG-
where 8* > 1 is a preassigned real number used to differentiate between

good and bad eigenvalues. Our goal is to separate the set of eigenvalues
into two disjoint subsets, Sg and Sg. The separation is correct (CS) if

SGg 2 Qg meaning that all eigenvalues with values significantly larger
than the smallest eigenvalue will be classified into Qg . Our conclusion
for the value of q is the number of elements in Sg. We require a
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procedure R that will satisfy a predetermined probability requirement
P(CS|R) = P*,

n
Procedure R: Compute the covariance matrix § = — Xx(t;)x’(t;) using
nj-y

the samples x(ty), x(t2), ..., x(t,). Let £y > £, > ... > £, be the

ordered eigenvalues of S. Let r be the largest integer in {1, 2, ..., p - 1}
such that ¢, /¢ p > C where ¢ > 1 is a real number chosen to satisfy the

probability requirement P(CS) 2 P*. Claim that Sg = {Aq, Ap, ..., A}
and the number of signals is q=r. When £, /£, < c for all integer in {1,

2,..., p - 1}, we claim that q = 0. We will explain how to obtain a
conservative approximation for c, the procedure parameter, in next
section. We make the following two assumptions about the model:

Assumption 1: ‘
Hypdi =02 +6;G=12..9hj=0"G=12..,p-9.
That is, the multiplicity of the smallest eigenvalue is p - q, where p is
known and q is unknown. Moreover, we assume that 6; >0, ...>8 . This

is a reasonable assumption because 67,8, ..,8; came from the first term

of the covariance matrix in (2.2). Adding € to an eigenvalue and then
letting it go to zero will not change the form of the covariance matrix and
therefore it will not change our results.

Assumption 2: When q > 1, the parameter configuration belongs to Qg,

the so-called preference zone in ranking and selection theory. That is,
Aq!Ap2 8%*. The case q = 0 corresponds to the case where there is no

signal. The only configuration for the parameter is the equal parameter
configuration Ay /A, = 1.

The probability of a correct selection under Hy using Procedure R can be

written as

p-1
(3.2) P(CSRR)=P(q<r) = ¥ P(lj/L,>c L/, <c).

i=q
In the following, we will first state an important result about the least
favorable configuration (LFC) of our procedure in asymptotic theory.
Then we will express P(CS) under the asymptotic LFC. In Section 4, we
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will describe how the results in this section can be used to determine the
sample size needed for our procedure R.

Theorem 3.1: The asymptotic least favorable configuration (ALFC) for
our procedure R under the preference zone defined in Assumption 2 is
given by

(B3) A=Ay = .. = Ag > Agq1 = ... = Ap, where q is an integer

between 1 and p and d(Aq, ?»p)zkl /lp =8*,

Corollary 3.1: Under the asymptotic least favorable configuration

}\.1= 7\.2 = .. = }\.q > A‘q+l = ... = ;"P where }"I/A’p= &% > 1,

Asy-P(CS) is a decreasing function of & *.

Theorem 3.2: Under the asymptotic least favorable configuration given in
Theorem 3.1, Asy-P(CS) is an increasing function of n, the sample size.

From the above theorems and the corollary, we know that the probability
of a correct selection for our procedure approaches 1 by either increasing
& *, the size of our “indifference zone” or the sample size n. It is also clear
that P(CS) increases as ¢ decreases. But, the size of the selected subset of
the eigenvalues will also increase. Therefore we may overestimate the
number of signals by decreasing c. In next section, we will discuss the
method we use to find the procedure parameter ¢ and the role that the
sample size, n, plays in the procedure.

4. TIllustrative Examples for The Procedure Parameter

In this section, we explain how to approximate and obtain a conservative
bound for c, the procedure parameter. From Theorem 3.1 and the fact that
the distributions of the sample eigenvalues depend on the population
covariance matrix only through their eigenvalues, the Asy-LFC that we use
to calculate P(CS) can be written as

(4.1) X = diag(a, ..., a, ad*, ..., ad*) where a is a positive real number.
It is clear that we can take a = 1 in (4.1) since our procedure R is defined
by the selection statistic £, /£, (r=1,..,p-1) whose distribution is

invariant under a scalar multiplication.
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In the first example, we show how to obtain the procedure parameter, c, by
simulation.

Example 1: Finding the procedure parameter c for the case p = 10, n=200,

8" =2, simulation repetition = 10000:
The following table shows the 5 percentiles for the given statistic
£q/€19,9=0,...,9.

q lollyy €g/lyg L7181 Lel/Lyg L5/l L4181 £3/Lyg L2/l €118 0
0 1.0308 1.1111 1.1906 1.2911 1.3791 1.4858 1.5950 1.7149 1.8697
1 1.0316 1.1099 1.2034 1.2867 1.3896 1.4910 1.6109 1.7766 2.5615
2 1.0272 1.1160 12061 13073 14037 1.5359 1.6788 2.3528 2.8001
3 1.0326 1.1137 1.2120 13180 1.4280 1.5790 2.1617 2.5029 2.8332
4 1.0329 1.1229 1.2193 1.3362 1.4794 1.9973 2.2989 2.5880 2.9165
5 1.0326 1.1280 1.2246 1.3739 1.8496 2.1157 2.3559 2.6030 2.9110
6 1.0335 1.1438 12717 1.7160 19542 2.1660 2.3603 2.5998 2.8688
7 1.0428 1.1627 1.5655 1.7828 19586 2.1677 2.3500 2.5700 2.8488
8 1.0539 14332 16123 17798 1.9533 21125 23034 24767 2.7523
9 1.2478 1.4225 15650 1.6958 1.8530 1.9999 2.1509 2.3423 2.5538

The underlined diagonal entries are the 5 percentiles of £4 /£;19 when q

value is the correct number of signals. We choose ¢ = 1.24, the 5th
percentile of £¢/¢;( rounded to the second decimal place. By doing so,
more than ninety-five percent of the time our estimated q values are 9, 8,
7,6, 6, 6, 6,6,6 6 when the true q =9, 8 7,6, 5,4, 3,2, 1,0,
respectively. As a matter of fact, P(£9 /419 >c,fg /219 <¢)=.95 which
is only the first term in the sum of P(CS[R) given in (3.2). Therefore, c is
clearly a conservative procedure parameter for our method and we over-
estimate the true number of signals, especially when q is small when c is
chosen in this manner.

Next we present an example to demonstrate the performance of our
method. The example adopts the same sensor array processing model
assumed in all the three simulation results given in Wax and Kailath [4],
Section VI. For comparison purpose, we use exactly the same model
configuration as in Wax and Kailath [4].

Example 2: The vector of the received signal at the array is given by
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q .
4.2) x(1) = 2 Ay )e—fh(’) + n(t) where A(¢; ) is the p x 1 “direction
k=1

vector” of the kth wavefront; A(¢, )T =1 eIk (a1 ] with
T, = Tsindy ; 7(-) = random phase uniformaly distributed on (0, 27); n(-)
= vector of white noise with mean 0 and covariance o°I. The signal-to-

noise ratio, defined as lOlog(1/2c52), is 10 dB. From (5.1) (formula (24) in
Wax and Kailath [4]), the signals have variance 1. Therefore, we assume

that 8" =10 in our study. We first consider seven sensors ( p = 7) and two
sources (q = 2). Using n = 100 samples, we simulate radar data according
to (2.1) and the resulting eigenvalues of the sample covariance matrix are
1.0722, 0.9623, 1.1965, 0.7105, 0.5800, 7.3697, 10.3601. We next
consider p = 7 and q = 3. Using n =100 samples, the eigenvalues of the
sample covariance matrix of simulated radar data are 1.0688, 1.1311,
0.7159, 1.5023, 8.2028, 8.5212. 10.6351. The simulated 5 percentiles of
£q /47 forq=0,1,...,6arein the following table.

Celly Lsllq Lqlly £3187 L5187 £110q
10454 1.1709 1.3180 14908 1.6664 1.9125
10476 1.1834 13447 15262 1.7566 11.6115
1.0491 1.1900 1.3595 1.5759 9.8242 12.8793
1.0522 1.2059 1.4207 8.5851 10.9399 13.3350
10570 1.2364 7.4859 9.3746 11.1370 13.2385
10649 6.4364 7.9776 9.4016 10.9034 12.7948
52116 64327 7.5204 8.6702 9.9161 11.5024

AW b W= O 0

Following the method in Example 1, we choose ¢ = 5.21. Therefore by our
procedure, we correctly declare that there are 2 signals in the first case and
that there are 3 signals in the second case. In fact, at least 95% of the time,
our method will detect correctly the number of signals in this model no
matter what the true q is. Moreover, for any sample size n great than or
equal to 35, we have more than 95% probability of correctly detecting the
number of signals no matter what the true number q is. The value n = 35 is
obtained by running a search algorithm based on the method used to
produce the table above.

5. A Measured Radar Data Example

One of the prime motivations for this research is the application to radar
signal processing. This example uses data from the Multi-Channel
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Airborne Radar Measurements (MCARM) program, a vast collection of
airborne radar measurements over many flights with multiple acquisitions
during flight. The radar antenna is a 22 (2x11) rectangular array (p=22). In
several acquisitions, the transmitter was off resulting in no clutter to mask
signals generated by a Moving Target Simulator (MTS) at preset Doppler
frequencies.

In this example, the data cube comprising 1408 pulses with the transmitter
off were analyzed. The MTS transmits 10 signals overall. Figure 1 shows
the MTS signal strength as a function of Doppler frequency. As can be
seen, there are 9 signals in a pattern centered at -500Hz and a strong signal
at zero Doppler. Within the MCARM database, this data set matches the
model of Eqn. (2.1) with g=10. All 1408 pulses (n=1408) were used to
estimate the covariance matrix S. As noted before, p=22. The ratio of the
eigenvalues to the smallest estimated eigenvalue is shown in Table 1. The
ratio of the first eigenvalue is 520 times that of the smallest eigenvalue. In
this case the value of ¢ for § * = 2.0 (3dB) is found to be ¢ = 1.577. From
Table 1, this sets the minimum number of signals with signal-to-noise
ratios greater than 8 * at 11.

Table 1 : Statistics for determining number of signals in noise. MCARM Data

Number Eigenvalue Ratio AIC Value MDL Value
0 4423.7 507.97 1487339 74366.96
1 123.95 14.233 15253.19 7739.47
2 37.448 4.3002 3458.01 1949.50
3 21.403 24577 1636.28 1141.01
4 18.363 2.1086 1337.59 1088.79
5 16.847 1.9345 1214.14 1118.94
6 16.081 1.8466 1154.17 1175.57
7 15.859 1.8211 1113.94 1236.84
8 15.341 1.7616 1064.70 1288.34
9 14.196 1.6301 1021.56 1337.64
10 14.061 1.6147 1015.42 1400.20
11 13.543 1.5552 999.94 1452.83
12 13.199 1.5156 991.36 1503.67
13 12.621 1.4493 982.07 1548.89
14 12.263 1.4082 981.34 1593.16
15 11.944 1.3715 980.55 1632.13
16 11.705 1.4410 977.69 1664.83
17 11.030 1.2666 968.50 1689.11
18 10.708 1.2296 967.66 1712.31
19 9.9416 1.1416 962.57 1728.14
20 9.4735 1.0879 964.99 1742.48
21 8.7084 1 966.00 1750.86
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Table 1 also lists the AIC and MDL values, used to determine the number
of signals in this case, as suggested by Wax and Kailath [4]. This approach
used is to determine the AIC or MDL values and the number of signals is
the number where the AIC and MDL values are the lowest. As can be seen
from the table, the AIC criterion sets the number of signals to be 19, while
the MDL criterion determines the number of signals to be 4. Both values
are clearly erroneous since the true number of signals is 10. In the AIC
case, even though it is better to overestimate the number of signals rather
than underestimate (the MDL case), the overestimation here is extremely
large. In a practical situation, this would imply a significant waste of
energy and other resources. This example clearly indicates the superiority
of the proposed approach over the earlier approaches.
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Abstract : The aim of this paper is to propose a new single site direction
finding system operating in the HF band. After a presentation of a signal
model including both propagation and antenna effects, the paper describes
the technique used to choose simultaneously the geometry of the array and
the different types of antenna for each sub array. Then the height of setting
up two sub arrays on the same mast is determined by correlation between the
antenna complex responses. Finally, some theoretical and experimental
results of direction finding related to this new type of vertical array of
collocated antennas are given.

1. Introduction

In HF band and for sky wave, the ionosphere serves to be the propagation channel
: several ionospheric layers may act as reflectors for waves propagating in one or
more hops. The non-isotropic nature of the ionosphere imposes a multipath
propagation to the transmitted signal. When a channel generates multipaths, radio
direction finding must resort to hight resolution algorithms such as MUSIC to
discriminate angle of arrival (AOA) of the incident signal on an antenna array. In
such method of signal processing, the contribution of antenna effects on the
incoming signal must be known. Depending on the type of antenna array, AOA
estimation accuracy can be affected..

This article shows how the vertical space diversity could be set on collocated

antenna array. The height mastered permit to control the radiation pattern. This
control is very important for the
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2. Antenna part in direction finding techniques : a short review

Different kinds of antenna elements could be used for direction finding (DF). The
choice of the antenna type is explained at paragraph 3.2. . Array which is
composed of same antennas (same antenna pattern) is call homogeneous
otherwise is heterogeneous.

The DF techmque depends on antenna array types and geometry :
methods using space diversity in homogeneous array, as interferometry,
Doppler, beamforming, high resolution method, frequentiel analysis, or

TDOA....
methods using space diversity in heterogeneous array, which applies usually a

high resolution method as MUSIC,

methods without space diversity in heterogeneous array, in this case only
collocated array can be employed. The laboratory of Rennes University uses
in this case a high resolution algorithm to determine the angle of arrival [].

2.1. Bi-vectorial model of received signals in the case of multipath
propagation

This paragraph remains a narrow band model of H. F. (3-30 MHz) signals after
propagatlon via the ionosphere. The originality of this model published previously
[1] is that it includes both the propagation effects and the antenna effects.
Moreover this mathematical model can be simulated using a propagation
software.

The general model of propagation for HF links (3-30 MHz) is based on optical
geometry. If the transmitted signal is assumed to be written as e(z)=m(z).e/ "
where m(t) represents the modulation of the signal and o, is the carrier angular
frequency, the received signal, for narrow band and for the ¥* mode (1F,0 for
example) of propagation, can be expressed as[1,2]:

. e
See(1)= Apm(t-1y )&’ Jon(t=7) (1)

where 4,is the attenuation related to the ¥* mode, 74 1s the group delay
corresponding to the ¥ mode, @,, is the received angular frequency including
the Doppler shift, 7, represents the phase delay for the considered mode. The

modeling of all these parameters can be deduced from ionospheric propagation
and prediction softwares (attenuation, group delay or angle of arrival) such as
LOCAPI [2] or from physical considerations and measurements (Doppler shift).
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| A narrow band model is then defined as a model for which the parameters 4,,

Tu» @y > and 7, can be considered as constant in the band.

Maxwell equations induce a dispersion equation from which the phase indexes
(for the O and X modes) and the polarization relations can be defined. At the exit
of the ionosphere (at an altitude of about 90 km) the polarization relations are
given by the limit conditions of Budden [4], wave behavior is not affected by the
troposphere.

Let us consider a receiving antenna. In a general form, the electric field related to
an incoming wave is expressed as a three component vector E(?) ; hence the signal
s(t) at the output of an antenna can be expressed as a vectorial product

st)=M.E®

where M is a matrix which characterizes the antenna response. Since the
components E;(?), E(t) and Ej(t) of the electric field can be written in the
following form according to the polarization relations

EiY),  Ext) =aEit), Est)=DbE|)
the signal can be expressed as :

s(t)=(M,+aM, +bM;)- E (1) (2)

The scalar term E,(z) contains all the propagation effects as developed at
equation 1.

Generally the coefficients of M are a complex function of the directions of arrival
(azimuth and elevation) as well as a and b. This dependence will be noted M(4),
a(@) and b(€. In the HF band, these two forms of diversity (antenna and
polarization) must be considered : the coefficients of M are related to the type of
antenna and the a and b terms depend on the angle between the geomagnetic field
and the direction of propagation of the wave [4, 5].

This expression is then written in a compressed form as :

s(t)=F(8)-E\(t) (3)

The F(€) complex function is named the antenna response function. It can be
obtained with some approximations from physical laws [5, 6] or more rigorously
with the help of simulations [8]. The ground effect in the area of the sensor can be
included in the computation of the F(4) function [5]. In the HF band this function
is also related (via the polarization linked to the geomagnetic field, the frequency
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and the wave vector) to the geographic characteristics of the considered link [5, 6,
8].

The inhomogeneous and the anisotropy of the ionosphere induce multipath and
multimode propagation. The formula mentioned above for a receiving antenna
can also be applied for a transmitting antenna ; thus, a general expression for the
received signal can be written as :

X(t) = i A Gy Fy .m(t ~ Tek ) ejwrk(t B Tpk) +n,(t) (4)

k=1

where k identifies the O or X propagation paths and ns the number of paths, Gy
and Fj are the complex functions of the transmitting antenna / and the receiving
antenna 7 ; these functions are determined for the O and X propagation modes and
depend upon the angles of arrival. 4; characterizes the attenuation of the wave

corresponding to the & mode and n;(?) is additive noise. ‘
For an array of NC collocated antennas, omitting the transmitting antenna effect,
the vectorial expression of the received signal becomes [14]:

x,i(t)=iFik Sy ©+n(1) i=1,.,NC (5)
k=1

For a receiving antenna of type 7 at the position p in an array using antenna and
space diversity the general expression of the received signal is :

Jout-7 i
%1p (1) =3 A Gy Fymlt -, )-e a "")e"’ﬂ* +n,(t) (6)

where &, indicates the phase shift regarding a reference for the wave £.
In the relations [7, 8, 9] the complex functions Gy and Fj act as weights for the

signals corresponding to the different incoming waves. So the signals at the
output of the antennas appear with uncorrelated envelopes.

If the transmitting antenna is unknown, the Gy function cannot be determined and
the determination of absolute amplitude and phase corresponding to a path and a
polarization is impossible. In direction finding techniques, only differential
amplitude and phase are used, so the knowledge of the transmitting antenna is not
necessary. In this case, the model can be simplified and the phase term for a given
mode is:

. _ i5
F;'k -elwrk(' fpk)el pk (7)

If the incident wave is plan, the phase term is reduced to:
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Fy e’ ®)

Where F, is antenna effect and e’** is the space effect.

2.2. MUSIC algorithm operating on an array of identical sensors

The parametric methods aim to estimate parameters which are bound by incident
sources such as angles of arrival, power, and by computation of a directional
function from the steering vector of the array. For a source whose direction of
arrival is denoted ¢ (angle or couple of angles in a 3-D problem), this vector is
written as:

a(f) =[F(6) F(&)e’>?.... F(8)e’’®] (9)

1s the common complex directional response of the NC sensor (supposed to be
identical) and is the geometrical phase of sensor p (sensor 1 being chosen as a
reference).

The MUSIC algorithm is based on the orthogonality of the incident steering
vectors and the noise subspace of the data covariance matrix : the pseudo
spectrum is computed from the norm of the projection of the normalized steering

b(0) = a(&)/ Ia(ﬁ)l vector in the subspace :
1

PSSP(8) = :
v; b(6)|

(10)

>
p=NSE+1

Where the set of vectors v, define the noise subspace. The pseudo-spectrum
PSSP(6) can be computed with out the knowledge of the sensor responses F(é) :

a(9)
bO) =T
|F (6’)] NC
The physical meaning of this result is that the type of antenna does not occur in

the determination of the angles of arrival if there is a signal at the output of the
antenna.

(11)
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It can be noted that PSSP(8) is the same, whether we integrate the directional
responses in the calculation or not.

2.3. MUSIC algorithm operating on a heterogeneous array

An original method operating on an array that is made up different sensors has
been proposed [3] ; each antenna of the array has a different pattern what
necessitates to compute the complex responses of the antennas therefore it’s be
considered well known. The normalized steering vector, which appears in the
determination of the pseudo spectrum, is expressed as follows:

F(6)
1 F2 (ﬁ)eﬁ? 8)

b(6) =
DIAG L
Zp— , l FNC (ﬂ)eIJNC(g)

The term e/ determines the geometrical phase of the space diversity. In
collocated array, this term is removed.

(12)

If radiowaves are received with two possible types of polarization (Ordinary O
and eXtraordinary X in the HF range), this method provides an identification of
that information. Antennas have spatial responses that are different for each
polarization type and can be identified as F,.(¢), with index T for O or X in the

HF.

Fir(8)
1 Fyr (6)e’®

by (6) = v
2417 @) Fyer (8)e/®

Therefore, the two sets of steering vectors (7=0 or X) provide two pseudo-spectra
PSSP, (8) and PSSP, (6).

(13)
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3. Array of collocated antennas

3.1. Existing collocated antenna array

The term “collocated” appears toward the years 1980 and it specifies a array
composed of antennas with the same phase center or antennas with a distance
between them, small regarding the wavelength.

In 1981, Compton [4] proposed in the UHF band, a tripole antenna which is made
up of three orthogonal dipoles. In 1983, Ferrara and al [5] proposed an circular
array, each sub array used two cross loop. In 1987, Flam and al [6] designed a
collocated array with three small antennas : two vertical cross loops and a vertical
dipole. In 1990, Bull and Burgess [7] simulated an array of six collocated
antennas. In 1997, Brandwood and al [8] proposed a sensor with three small loop
antennas. ‘

In 1998, Marie and al [9] realized in the HF band an array of seven collocated
antennas, (two vertical cross loop, a horizontal loop, two inverted V 45°, a
vertical dipole and XYZ loop) and they used this array in a single site direction
finding system.

All these arrays are set up with collocated antennas and they do not introduced
space diversity. The definition says that an array is collocated if antennas have the
same phase center or a distance less than a wavelength. In the proposed array, the
both antenna and space diversities are introduced in the geometry definition. This
is the purpose of the following paragraph.

3.2. Antennas and space geometry choices

To propose a method to choose the type of antennas, the number of antennas and
the number of sub array, several criteria has to be taken into account.

- The size of each antenna has to be small regarding to the wavelength : a good
spatial sampling of the electromagnetic field requires the dimension of an antenna
smaller than Lambda/10 when applying the Shannon theorem transposed to the
spatial domain. In application of this hypothesis and for frequency less than 30
MHz (Lambda=10 m), the size of the antennas have to be in order of one meter.
The only solution to get such size is to choose an active antenna as element of the
array. In these antennas the current distribution can be considered as uniform [10].

- The total number of antennas is function of the local experimental
possibilities : in the Rennes university system 8 channels are available, so 8
antennas can be used. In the work presented in this paper two sub array were
set up, this means that 4 antennas maximum have to be employed for each sub
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array. The results presented in this paper are relative to a space array of two
sub arrays of three antennas each set on the same mast.

The type of antenna is related to :

~their directivity diagrams : the total space has to be «seen» by the
antennas [ ],

— their phase responses which must be variable versus the angle of arrival
and the propagation modes : for HF ionospheric propagation two
complementary modes may be present for each path [11],

—the fact that the coupling between the different antennas in the same sub
array must be low (brevet) to avoid a correlation between the output
signals. The quality and accuracy of the direction finding results are
generally related to this uncorrelation.

- The geometry of the array is imposed by the expected applications such as
direction finding from a single geographical point (boat, track...). So an
implementation on a single mast is a possible solution : this implies that only
vertical diversity will be introduced in the system.

For this study the antennas response determination were done using a moment
method : a NEC algorithm modified to determine the phase and amplitude
response was implemented on a computer. So the simulation of the antenna
responses take into account the following parameters :

—angle of arrival (azimuth and elevation)

—location of the received station

—frequency of the carrier

—type of antenna

—height the antenna

—characteristics of the ground (conductivity and permittivity)

—electrical characteristics of the amplifier and the cables.

The two first sets of parameters induced the polarization characteristics (function
of the geomagnetic field) of the incoming waves. In the HF band and for
lonospheric propagation, the polarization for the two possible modes (named O
and X) is defined by the limit conditions of Budden [12] implemented by Bertel
and al [13].

The type and height of antenna are two interesting parameters because the system
designer can change them. The choice made in this system is to use same type of
antenna, but with different heights.
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4, Theoretical results

4.1. Description of the collocated array

The array uses two sets of sensors placed on a vertical mast of 18 meters high.
Each sensor is composed of three active loop antennas (figure 1) oriented in the
east west, north south, and horizontal directions. The first set of sensors is situated
at 3 meters high ; the second can be positioned at different heights from 4 to 15

meters.

figure 1 : Sub array of three active collocated loop antennas

The interest of using the same antenna type is that they all have the same
electrical characteristics and used the same type of preamplifier. This choice cuts
down the error on the determination of steering vector.

The electrical responses at figure2 show that modulus responses are the same for
all the preamplifiers: gain of 40 dB and bandwidth about 27 MHz (2.3 to 30
MHz). In each preamplifier, filters, located between the adaptation stage and the
power stage, cut down all parasitic signals, which are outside the HF band.
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4.

2. Antenna complex responses

The characterization of the incoming wave is a 3D problem. Elevation (El) and
azimuth (Az) are the two angles that characterize the incoming wave. The field

relation (3) becomes :

level in dB

40 20
— |
- ] w0 Ll
" 100}
o) g 2 sl
)
10t 1e ol
| } i m{
=100
-1 I 1 -1s0}\
-0 : . . —-200 :
0 10 20 0 40 51 o] 10 X 30 40
{recuency in MHz {recencvin MHz

figure 2 : electrical responses (modulus and phase) of a preamplifier

b)

figure 3 : a) representation of the axe system. b) loop oriented north south
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s(t) = F(Az, E).E(t) (14)

For example, a vertical loop antenna (figure 3-b), which is oriented north south,
gives the modulus diagrams given figure 4. These diagrams depend on the

x 107

Uﬁ\......
05\
02T

100 L
400

elevation in degrees 0 0 azimuth in degrees

figure 4 : loop antenna oriented north south: modulus

characteristics mentioned at paragraph 3.2. . The only changing parameter is the
height. The relation F(4z,El) is function of the antenna height : this means that the
effect of the antenna on the signal s(?) is not the same for antennas placed at
different height. This phenomena is related to the ground effect

The summary of all these considerations is
all the incoming waves are characterized by azimuth and elevation,
the antenna response is function of the angles of arrival,

the MUSIC algorithm needs to imposed the use of several antennas
(six in this case),
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the steering vector (modulus and phase response of each antenna) must

be different for each angle of arrival,
antennas use are active loop antennas.

The solution to find steering vectors, which cover the entire 3D dimension with
the less ambiguity, is to study the intercorrelation product between them. This
product could be calculated for different heights. The least value of this criteria
can determinate the position of the two sub arrays.
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4.3. Sub array height determination

The first step to determinate the height of sub arrays is to study intercorrelation
product for a frequency carrier and for the height of the higher sub array (the
lower is placed at 3 meters high).

F(Az,,El)
F,(Az,,EL)
F,(Az,,El)
SV(Az,,El )= (15)
F,(Az,,EL) "

F,(Az,,EL)
F,(Az,,EL)

For a angle of arrival (4z,El) :

SV7(Az,,El)e SV(Az,,,El )
JSVT(Az,,EL)e SV(Az, EL) VSV (A4z,,El ) e SV (Az,,EL)

(16)

a,(Az,,El ) =

Az, is varying from 0° to 360°, EI, from 0° to 90°.

elevation in dagrees
8 8 5 B8 38

<

-
o

100 200 300
azimuth in dearees

figure 5 : intercorrelation product for O mode 18 meters high and a 20MHz of
freauency carrier
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The intercorrelation product is determined for each angle of arrival.

The second step consists to sum up the intercorrelation values that are greater to
0,95. This level is chosen because MUSIC algorithm isn’t efficient for values up
to this level. The figure5 shows an example of intercorrelation between steering
vectors for a frequency carrier of 20 MHz and for a height of 18 meters of the
second sub array. The scale is expressing in percentage of correlated values (up to
0.95).

The third step permits to determinate the sum of value numbers, which are
correlated (up to 0,95), depending on the height. (figure 6) This function is
normalized by the number of points of computation point of each height (in this

case 18 x 72 points).

g veclors
~ -]

Lo

+

parcarage of correldad steerin
(4]

3]

8 10 12 14 16 18

heiath in melers .
figure 6 : number of correlated values up to 0,95 for O mode versus height for
a constant frequency of 20 MHz.

In the last step, the same computation as before is done, for frequency
carrier varying from 6 to 20 MHz (figure 7). The frequency step is 2 MHz, so the
graph introduces unrealistic discontinuities.

18

haxdh in meters
83 N = &

o

10 15
{requencv carrier in MHz

figure 7 : this graphic, for O mode, allows to determine the height of the

second sub array
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From these results it can be seen that the height of 12 meters for the second sub
array could be a good compromise. Experimentally this value is quite acceptable.

=T,

L] .i

R N TR e ety

ey s o

Figure 8 : 2 sub arrays set up on the same mast: first sub array at 3 meters high,
the second at 12 meters.
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4.4. Signals simulation with the collocated antenna array

The signal simulation is realized for the array of which the parameters are
determined in the preceding paragraph.

60

time in second

Figure 9 : Simulated signals on the collocated array

Figure 9 shows simulated signals on the six channels, two modes occur (one O
and one X), they are characterized by a doppler shift of 0.1 Hz and their relative
amplitude (ratio of 0.5 between O and X mode). The direction of arrival for the O
mode is : Azimuth of 67 and elevation of 20 and for the X mode is : Azimuth of
67 and elevation of 60.
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4.5. Direction finding simulation

From previous simulated signals, angles of arrival can be obtained using the
Music algorithm in the configuration described in 2.3. The figure 10 gives a
representation of the sorted eigenvalues, the two incoming modes corresponding
to the eigenvalues of greatest amplitude are brought to light. Pseudo-spectra for
the modes O and X are shown on figures 11 for the O mode and for the Xmode.
The directions of arrival are those fixed in generated signals.

eigen values distribution

-

AQb-mm et oL -

eigen values in dB

]
NG T P
bu b= =]
o

index

Figure 10 : eigen values distribution : two AOA are determined
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Figure 11 : pseudo spectra for X mode and O mode : the AOA is
determined with a good accuracy
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5. Experimental results : example

The figure 12 shows an example of the received carrier signals, plotted over 50
seconds on the array of collocated antennas. Each channel is normalized by his
maximum value. The frequency carrier is 7,22 MHz. The sampling frequency is
160 Hz.

NS-|

EwW-|

HO-h

NS-h

EW-h

0 5 10 15 20 25 30 35 40 45 50
time in seconds

figure 12 : Measured signals on collocated antennas :
HO-1: Horizontal loop at lower height
NS-1: north-south oriented vertical loop at lower height
EW-1: east-west oriented vertical loop at lower height
HO-h : Horizontal loop at higher height
NS-h : north-south oriented vertical loop at higher height
EW-h : east-west oriented vertical loop at higher height
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Figure 13 shows that the envelopes of the signals appear to be uncorrelated.

10 15 20 25 30 35 40 45 50
time in seconds

figure 13 : the signals envelopes of the carrier
HO-1: Horizontal loop at lower height
NS-1: north-south oriented vertical loop at lower height
EW-1: east-west oriented vertical loop at lower height
HO-h : Horizontal loop at higher height
NS-h : north-south oriented vertical loop at higher height
EW-h : east-west oriented vertical loop at higher height

Depending on the propagation conditions, fading on each channel do not usually
occur at the same time and so, this kind of antenna diversity gives complementary
information which can be used in direction finding estimation or in source
separation.
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Using vertical spatial diversity in addition to collocated antenna brings interesting
information because the temporal behavior of same antenna placed at several
heights is different.

The correlation matrix for these signals is given below :

signal 1 signal 2 si_gna] 3 signal 4 signal 5 signal 6
signal 1 1.0000 0.2076 0.5401 0.1895 0.8785 0.8610
signal 2 0.2076 1.0000 0.8548 0.9321 0.3240 0.3790
signal 3 0.5401 0.8548 1.0000 0.7455 0.4895 0.7452
signal 4 0.1895 0.9321 0.7455 1.0000 0.4075 0.2609
signal 5 0.8785 0.3240 0.4895 0.4075 1.0000 0.6263
signal 6 0.8610 0.3790 0.7452 0.2609 0.6263 1.0000

Most channels are relatively well uncorrelated. All signals are under the level
0,95. Generally this value give a guarantee for a good estimation of AOA with
Music algorithm.
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Received Signals haven’t the same strength. The two lower vertical loops receive
more power. The horizontal loop placed at 12 meters has the same power than the
two upper vertical loops. The power differences are due to the ground effect.

25 T T 1 T L] T
20F J
15} -
&
2
o
o
10} .
5F i
0 - l l J
1 2 3 4 5 b

antennas

Figure 14 : relative power (power reference is channel 1) received on each antenna
: Horizontal loop at lower height

: north-south oriented vertical loop at lower height

: east-west oriented vertical loop at lower height

: Horizontal loop at higher height

: north-south oriented vertical loop at higher height

: east-west oriented vertical loop at higher height

AN N bW N =
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6. Conclusion

General considerations about space and antenna diversity arrays and their
implementation in the MUSIC algorithm have been discussed. Collocated sensors
with three antennas of the same type associated with a vertical spatial diversity
between the sensors have been presented. A method to determine their relative
height has been given. Simulated and experimental results have shown the
availability of the technique using uncorrelated signals.
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ANTENNA DIVERSITY AS A MEANS OF IMPROVING
HF TRANSMISSIONS

Alexis Bisiaux, Louis Bertel
Laboratoire ART, University of Rennes 1
Bat. 11C, Campus de Beaulieu
35042 Rennes, France

Abstract : many studies on communications systems include antenna arrays.
Their ability to modify their radiation pattern makes them particularly
adequate when source separation or interference cancellation are needed, but
they usually do not take into account the polarization of the waves that they
receive. This paper describes an unusual kind of array based on antenna
diversity instead of space diversity that uses polarization to improve spatial
filtering. The concept is illustrated by experimental results obtained in the
HF band (3-30 MHz).

Introduction

HF waves extend from 3 to 30 MHz. By reflection against layers of the
ionosphere, they allow to realize very long distance transmissions. On the other
hand, they encounter severe propagation conditions in this multipath fading
channel. Those restrictions have put a brake on the increase of HF digital
communications throughputs for a long time. Among the methods put forth to
combat them, one consists in using antenna arrays. They are of quite frequent use
in diverse types of applications, but most of the time they are tackled from a
scalar point of view : arrays are attributed a gain that varies as a function of the
direction of arrival (DOA) of the received wave but that does not depend on its
vectorial properties. Thus polarization is completely left aside, yet it bears some
information about the electromagnetic field that could be exploited. Previous
works led on this basis have shown that packets of errors appear at different
moments depending on the polarization favored by the receiving antenna [1]. This
paper reaches another step, as it shows how an array of particular design, made of
collocated antennas and resorting to antenna diversity instead of common space
diversity, can be used to include a polarization treatment in addition to the space-
filtering process usually associated to classic arrays.
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In order to introduce the array of collocated antennas and to bring its advantages
to light, it is necessary to start with a short description of ionospheric propagation.
The signal distortions caused by this fading multipath channel and the way that
they affect digital transmissions are presented in a first place. Then some means
involving different kinds of arrays are proposed to cope with them, and it is
shown that antenna diversity can be a good solution. This idea is developed more
precisely in a third part where the vectorial nature of the electromagnetic field is
closely linked to the antennas’ responses. Finally, experimental results are
provided to illustrate the theory by a practical example.

1. Propagation of the HF waves in the ionosphere

1.1 Multipath and multimode

Two main phenomena must be considered about ionospheric propagation. The
first one is that waves can follow several distinct paths by reflecting themselves
against different layers of the ionosphere. Then the transmitted signal gives birth
to as many replicas, that are affected in different ways by the channel : their
differential time delays can be large, and their Doppler shifis, as well as their
angles of arrival, can be spaced out too. The second phenomenon appears because
of Earth’s magnetic field that makes the medium anisotropic. Within each path,
the wave splits into two complementary propagation modes called O (ordinary)
and X (extraordinary). Both are very close and therefore have similar time delays,
Doppler shifts and DOA’s. On the other hand, their polarization properties are
very different. In the plane orthogonal to the direction of propagation, their

path 2

O mode

Figure 1 : multipath and multimode propagation in the ionosphere
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Ae]ectromagnetic fields describe orthogonal ellipses in opposite directions [2].
Multipath and multimode propagation are illustrated on Figure 1.

1.2 Effects on transmission

All the transmitted signal’s replicas created by multipath and multimode
propagation interfere, which degrades the transmission quality. Again, two cases
can be distinguished that do not have the same consequences, although they are of
same nature. If two signals are delayed by a time smaller than 1/B (where B is
their bandwidth), they interfere in a way that the resultant signal fades, making
the signal to noise ratio (SNR) vary in time (an example in given on Figure 2). In
the opposite case, the SNR remains constant but frequency selectivity occurs.

Fading is due to multimode propagation. Only the O and X modes of a same path
can be close enough to cause it. It is the most important problem for transmitting
data since the signal is susceptible to completely disappear for a while.
Concerning frequency selectivity, it is caused by modes coming from distinct
paths. When several modes are present, both phenomena may be observed. The
time-frequency analysis of the signal displayed on Figure 2 is reproduced on
Figure 3. It represents the mapping of its power in the time-frequency plane, and
is obtained directly through the observation of the broadband modulated
signal [3]. Two sets of interference patterns are clearly visible, generating both
fading and frequency selectivity. They denote the presence of at least 3 modes,
among which 2 come from the same path (the line spectrum that appears every 4

SNR=18dB

amplitude (V)
o o
o - [N

,
o
—

o
M)

o 5 10 15
time ()

Figure 2 : example of a fading signal (16-QAM,
3 kHz bandwidth, carrier frequency of 8 MHz)
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Figure 3 : time-frequency analysis of an HF signal set onto an
intermediate frequency of 2250 Hz (same signal as in Figure 2)

seconds is not a computation aberration, it is due to a periodic pattern inserted
into the transmitted signal).

Frequency selectivity can be compensated by using adequate equalization
techniques. On the other hand, there is nothing to do against fading, except
interleaving and coding the data in order to diminish the number of errors caused
by the loss of SNR [4]. For these reasons, HF communications links have low
throughputs (typically 2.4 kbps in 3 kHz bandwidth) and a bit error ratio (BER) of
10 is considered to be an acceptable value. Those poor performances show how
hard multipath and multimode propagation is on single-antenna receiving

systems.

2. How arrays can improve HF transmissions

2.1 Classic arrays

Most of the time, arrays are made of identical elements set distant from one
another (they are homogeneous arrays). Space diversity allows them to steer their
main lobe toward the DOA of a desired signal, or to create notches in the
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path 2

path 1 o

Figure 4 : source separation with a classic array

direction of unwanted ones. Such arrays would not be a very good solution for HF
communications applications though. The reason for that is illustrated on
Figure 4 : they would be efficient to combat multipath effects, but would not be
able to separate the complementary modes of a single path because they usually
leave the ionosphere at very close angles. The spatially filtered signal would then
still be affected by fading. Furthermore, given that the wavelength ranges from 10
to 100 meters, such arrays would spread over a large area, making them rather
unpractical. For these reasons, homogeneous arrays are rarely used for
transmission purposes in the HF band. Yet it is possible to suppress fading by
separating the O and X modes, but it requires to include some kind of polarization
treatment in the whole process, which is not possible with homogeneous arrays.

2.2 Polarization filtering

The easiest way of introducing polarization is to use two orthogonal sensors, like
crossed loops or crossed dipoles for example. This approach is quite common in
HF and has been used before in industrial systems. It is based on the assumption
that the two complementary modes, bearing the signals so and sx, have circular
polarization patterns and have almost vertical DOA’s. Under these conditions, so
and sy can be separated by combining the received signals x; and x; in the
following way :

soO)~x()+jx, () and sy ()=x()-jx;() (D
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This technique is attractive because it is easy to implement, however it is limited
by a number of factors. First of all, it is based on assumptions that are not always
met in reality. Indeed, HF waves may have oblique DOA’s and be elliptically
polarized, in which cases they do not project themselves onto the crossed
antennas in the ideal way ; the two modes cannot be completely separated then.
Secondly, it can work if only two complementary modes are received, but it is
inefficient in a multipath environment. Therefore the method is suboptimal.

2.3 Heterogeneous arrays

With antenna diversity, it is possible to join the ability of an array to alter its
radiation pattern on the one hand, and polarization filtering on the other hand.
This leads to the realization of a heterogeneous array, that is, made of antennas
with various shapes or orientations, as opposed to classic homogeneous arrays. Its
application to HF transmissions can be illustrated in a simplified way by the
drawing on Figure 5 : the radiation pattern of the array is not the same for all the
waves because it depends on their polarization. Since O and X modes coming out
of the ionosphere have different polarization properties, two different radiation
patterns must be considered instead of one, as is usually the case. One regards O
modes, and is completely unrelated to the other one that concerns X modes. For
this reason it is theoretically possible to separate two complementary modes, even
if they come from the same direction, and still being able to create notches in the
two radiation patterns. Such a principle is ideal for combating both multipath and
multimode propagation. It is however an uncommon approach that should
therefore be described in more details, and that the next part is dedicated to.

path 2

radiation pattern
towards O modes

radiation pattern
towards X modes

Figure 5 : source separation with a heterogeneous array
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3. Antenna diversity

An antenna’s response to an incoming wave depends on two main global factors :
The first one is the vectorial configuration of the local electromagnetic field ; the
second one is the shape of the sensor. Both are described in the following
paragraphs in order to introduce the originality of the collocated-antenna array.

3.1 Electromagnetic field in the vicinity of an antenna

In general, the electric field E (as well as the magnetic field) describes an ellipse
in the polarization plane, as shown on Figure 6. This pattern can be characterized
by two parameters : the polarization ratio 7 and the tilt angle a. The direction of
rotation (clockwise or counterclockwise) is determined by the sign of 7. The three
components of the field as received by a given antenna thus depend on these two
parameters. They also depend on the wave’s direction of arrival, as shown on
Figure 7. Two other parameters intervene : the angles of arrival ¢ (azimuth) and &
(elevation). In the axes of the fixed antenna (X,Y,Z), the expression of E is a
function of these 4 parameters :

Exyz=/(#8m1a) )

This equation is displayed to insist on the fact that the local field depends on both
the DOA and the polarization of the incoming wave. The purpose here is not to
calculate the function f, which has been done elsewhere, including ground
effect [5].

Figure 6 : ellipse in the polarization plane
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Figure 7 : electric field projected onto an antenna’s axes

3.2 Antenna response

Given an antenna i, a wave bearing a signal s(f) and characterized by the 4
parameters of its electric field (4, 6, 77and @) is transformed by the antenna into a
signal s/(¢) according to the following equation :

S,-(t)=F,-(¢,19,7],a)xs(t) (3)

where F; is the antenna’s response to the field. It is a complex function, reflecting
the fact that the sensor influences the signal’s amplitude as well as its phase.
Moreover, F; is closely linked to its shape and orientation in space, so that the
responses of unlike antennas are different, which is the fundamental principle of

antenna diversity.
F; is complex-valued and depends on 4 parameters, hence it is uneasy to represent

it. This problem can be simplified however in the case of HF applications.
According to the limit conditions of Budden [2], a wave coming from a given
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| direction can only have two polarization patterns, one for each mode. Theoretical
models allow to determine 2 values of 7 and & given a set of angles of arrival ¢
and @ The antenna response F; with 4 degrees of liberty is then reduced to 2

functions with 2 degrees of liberty, Fio(#,6) and Fix(#,6). They represent the
antenna’s response towards O and X modes and only depend on their DOA’s.

Such functions are represented on Figures 8 and 9 for a vertical square loop
(contained in the East-West vertical plane) and a horizontal square loop
respectively. The radiation patterns reflect their modulus, but their phase is
displayed too since it plays an important role in completing diversity. Three
interpretations can be drawn from these diagrams :

- For a given antenna and a given mode type, the response varies as a function
of the direction of arrival, not only in amplitude but also in phase, whereas the
usual approach focuses on the former only (radiation pattern).

- For a given antenna and a given DOA, the response towards a wave is
different whether it is of O or X type.

- For a given DOA and a given mode type, the response of an antenna depends
on its shape and orientation.

These remarks show that antenna diversity by itself is enough to discriminate
waves regarding to their DOA and polarization. Of course, it is still possible to
add space diversity to the system in order to improve its efficiency. This concept
is presented in another article in these proceedings with an application to direction
finding [6]. But since antenna diversity is sufficient for an array to discriminate
incoming waves in DOA and polarization, space diversity can be completely
suppressed, which makes it possible to use an array of collocated antennas.
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Figure 8 : complex response of a vertical loop antenna towards O
modes ((a) and (¢)) and X modes ((b) and (d)) ; modulus ((a) and (b))
and phase in degrees versus azimuth (from 0 to 360°) and elevation
(from 0 to 90°) ((c¢) and (d))

510




horizontal square loop

S W

O mode X mode

0 90 180 270 360 0 90 180 270 360

(c) @)

Figure 9 : complex response of a horizontal loop antenna towards O
modes ((a) and (¢)) and X modes ((b) and (d)) ; modulus ((a) and (b))
and phase in degrees versus azimuth (from 0 to 360°) and elevation
(from 0 to 90°) ((c) and (d))
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3.3 Array of collocated antennas

An array of M elements receives N waves bearing the signals s{f) (1<i<N).
According to [7], the signal x{f) observed at the output of antenna i is a
combination of the signals s,(f) weighted by the complex responses of the antenna,
whose value depends on their DOA’s and mode types :

N
X (=) Fa (.05, (O)+n;(6)  1<i<M (4)
k=1

where n;(f) is an additive noise. Fy is the response of antenna i towards signal &,
characterized by its angles of arrival ¢ and & and its mode type. The steenng
vector a; of the array for the incoming wave k is given by :

ak=[F1k(¢ks5’k) FMk(¢ks€k)]T (5)

The M antennas yield a vectorial signal with M components that can be written
as:

X(1)=AS(1)+N() (6)

with : A=[al - ay], (7
| s®=[s0) - syOf, ®)
NO=[m@ - nmyof . )

Equation (6) is commonly encountered in array applications. The difference with
classic arrays, though, holds in the steering-vector matrix A. Indeed, since space
diversity has disappeared, there are no phase terms due to propagation delay from
one sensor to another. It must also be reminded that for a given set of angles of
arrival, two distinct steering vectors exist (one for each mode type) instead of just

one.
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The experimental system is made of 8 collocated antennas as shown on Figure 10.
As compared to classic arrays, it has two advantages: it is sensitive to
polarization and it is not larger than a single aerial. Both are particularly
interesting features for HF applications : a classic array would spread over a large
area (the wavelength ranges from 10 to 100 meters), which is not very practical,
and it would not be able to separate complementary modes anyway without some
polarization treatment.

Source separation based on this array of collocated antennas has been presented
before [8]. According to the least-mean-square criterion, the incoming signals can
be separated by the use of a spatial filter :

S)=(A7A) AT X() - (10)

Figure 10 : experimental array of 8
active collocated antennas
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Although the experimental results presented in the fourth part of this article were
not obtained with this formula, it is still useful to calculate the radiation pattern of
the array, in the aim of illustrating the behavior of heterogeneous arrays in
general, and of collocated arrays in particular. The diagrams on Figure 11 have
been obtained by simulation after having considered 3 incoming signals with the

following properties :

- a first O mode to be kept (azimuth : 230°, elevation : 40°),
- one X mode to be suppressed (azimuth : 230°, elevation : 40°),
- asecond O mode to be suppressed (azimuth : 80°, elevation : 60°).

There are actually two different radiation patterns, just as there were two different
kinds of antenna responses, depending on the mode type of the received wave.
Figure 11 (a) shows that the main beam of the array has been steered toward the
desired signal whereas a notch has been created in the direction of the unwanted
one. Yet the most interesting part is given by Figure 11 (3): the X mode is
completely suppressed, even though it comes from the same direction as the first
O mode. This ability to separate waves with identical DOA’s is specific to
antenna-diversity arrays, as it had been suggested in paragraph 2.3 and in
Figure 5. Also, it should be added that only two radiation patterns exist because
only two polarization configurations are possible with HF waves. The principle
would still be valid in a more general case, but it would then be necessary to
consider an infinity of radiation patterns, which is more difficult to represent.

0 0+
s0{ .50
q0047 004
-150 4 ; . 150

50 60 0 - 90 90

(a) (b)

Figure 11 : radiation pattern (gain in dB) of the array towards O modes (a) and
X modes (b), versus azimuth (from 0 to 360°) and elevation (from 0 to 90°)
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4. Experimental results

4.1 Characteristics of the received signals

The results presented in this section are based on an example that reflects the
behavior of the system in the majority of cases. Only 4 antennas were used out of
the 8 available ones because the 4 others proved to be unnecessary : they did not
help to improve the transmission performances and required more computational
time. The 4 elements of the array, as pictured on Figure 12, are :

a vertical square loop contained in the East-West plane,

a vertical square loop contained in the North-South plane,
a horizontal square loop,

an XYZ dipole.

The transmitted signal has the following properties :

16-QAM modulation with rolloff factor of 0.2,
3 kHz bandwidth,

10 kbps (2500 baud),

carrier frequency of 8§ MHz.

The transmission is realized over a unidirectional link of 250 km in France. The
transmitter stands in Poitiers (lat : 46°35° N, long : 0°25° E), the receiver is in

Vns
VEW /
XY
A _ 1‘7
= = —
H

Figure 12 : view of the array actually
used (4 collocated antennas)
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Monterfil (lat:48°03’ N, long:2°00° O). The 4 signals are transposed
independently onto an intermediate frequency (IF) of 30 kHz and filtered with a
12 kHz bandpass filter. They are then sampled at 9250 Hz (thus shifting the IF to
2250 Hz) and saved into a file that can contain a 20-second acquisition.

The 4 received signals are plotted on Figure 13. They are all affected by fading,
which denotes that propagation is mainly provided by 2 complementary modes of
a principal path. In such a case, these modes come from very close directions,
however the array’s antenna diversity is enough to introduce a significant
difference between the 4 observations. This remark is reinforced by the time-
frequency representations of the first two signals (Figures 14 and 15). Two
interference patterns appear (as in Figure 3) ; in addition to fading (the most
visible one), some frequency selectivity shows that a second path also exists. But
for these two interference patterns, the signal fades at different instants and
frequencies from one antenna to the other, which shows that diversity is indeed

reached.

o

.
o

|

amplitude (V)
o
B O MM O DI O L O W

oo

|

.
o

10 15
time (s)

o
n

Figure 13 : signals received by the array (Vew, Vns, H, XYZ)
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Figure 14 : time-frequency analysis of the first signal (received
by Vew) with IF of 2250 Hz
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Figure 15 : time-frequency analysis of the second signal (received
by Vns) with IF of 2250 Hz
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4.2 Description of the processing method

The method used to process the signals delivered by the array includes both
space-polarization filtering (by combination of the received signals) and time
treatment, as shown on Figure 16. A whole 6-tap transverse equalizer is included
in each branch ; T is the symbol duration. The weights w;; (where i denotes the
antenna and j the delay) are determined through an adaptive method based on the

LMS algorithm [9].

The deep fading experienced by the signals on each branch makes the method
inefficient if only one antenna is used, therefore no results are provided for such a
case. Considering the weakness of the available SNR, it would require more
sophisticated processes in order the achieve a reliable transmission with a single-
sensor modem, like coding, interleaving and soft decision techniques, which are
not necessary when antenna diversity is used, as the results will show.

(+) 5()

Figure 16 : diagram of the adaptive space-time filter
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4.3 Results with a simple polarization filter

The receiving module of Figure 16 is fed with a single signal derived from the
combination of the first two observations (as described in §2.2) : Vgw—j Vns and
Vew +J Vns. Time treatment is still applied. Since the powers received by the first
two antennas are quite different (11 dB between Vys and Vgw, as can be seen on
Figure 13 ; this may be due to an imbalance in the electronic system and/or to the
polarization conditions), the first signal had to be multiplied by a factor of 3.65 in
order to readjust their levels and make the polarization filter work correctly.

The two filtered signals are then demodulated and the results are plotted on
Figures 17 and 18, in terms of BER (Bit Error Ratio), which is the more
convenient way to assess the efficiency of the method in a system dedicated to
transmissions.

The filtered signals are still affected by fading which has in turn repercussions on
the BER. Although it seems acceptable on Figure 17 with an average of 1.6x107
over the whole transmission, the pattern on Figure 18 (with an average of
5.3x107?) tends to prove that the filter’s efficiency is far from ideal. Furthermore,
the polarization filter is here employed under the best conditions, since waves
coming from Poitiers and received at Monterfil are supposed to have a circular
polarization, as shown by the graphic on Figure 19. Hence, the results would be
even worse on a link with less favorable conditions.

BER

0 5 10 15
time (s)

Figure 17 : BER with a simple polarization filter
(Vew—Jj Vns)
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Figure 18 : BER with a simple polarization filter
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Figure 19 : expected value of 7 (polarization ratio) for O modes in Brittany
(receiving area) according to [10] ; azimuth from 0 to 360°, elevation in

concentric circles from 0° (exterior) to 90° (center)
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4.4 Results obtained with the 4 antennas and the adaptive filter

The adaptive method based on the LMS algorithm has been applied successively
to 2, 3 and 4 antennas in order to evaluate the influence of the array’s size.

- 2 antennas (Figure 20): the propagation conditions are too constraining
during the first seconds of the transmission, and the algorithm is unable to
keep track. However, it starts to converge again after 6 seconds and then the
BER remains below 107 independently of the fading. The average BER in this
case is 2x107%, not much higher than in the best case with a simple polariza-
tion filter. Obviously, two antennas are not enough to realize a reliable filter.

- 3 antennas (Figure 21) : this time the algorithm converges immediately and
the BER always remains below 3x10”? with a mean value of 3.7x107.

- 4 antennas (Figure 22) : since the previous case led to very good results, the
fourth antenna does not bring as much change as the third one, but still the

BER is improved with an average of 2.8x 102,

The SNR obtained in the latter case (after adaptive filtering) is reproduced on
Figure 23, along with the raw SNR received on the first antenna (the same pattern
can be observed on the 3 others with fading occurring at different times). This
figure shows the advantage of antenna diversity : whatever the method employed
to demodulate the signal, the quality of the transmission can only be improved
when the SNR remains almost constant and is not subject to deep fading.

2.10°!

BER

0 5 10 15
time (s)

Figure 20 : BER obtained with the first 2 antennas
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Figure 21 : BER obtained with the first 3 antennas
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Figure 23 : comparison of SNR on antenna Vgw and after filtering
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Conclusion

This article was meant to bring in light all the benefits that can be taken from the
introduction of antenna diversity in a system devoted to digital communications.
The various shapes of the array antennas make them react differently towards
incident waves, depending on their directions of arrival as well as their
polarization. This latter aspect is never taken into account by classic
homogeneous arrays that only resort to space diversity : they are therefore unable
to separate complementary modes coming from very close directions, which
occurs frequently though in HF propagation. Another advantage of antenna
diversity is the possibility of using a compact array made of collocated antennas,
instead of spreading it over a large area as it is done when space diversity is the
only solution.

The principle has been illustrated through a practical example based on
experimental data. It showed that an array of at least 3 collocated antennas was
sufficient to correctly separate 2 modes and make the SNR of the filtered signal
almost constant and independent of the fading, whereas a single-antenna modem
would have to cope with severe losses of power, while a simple polarization filter
(using 2 antennas) would not perform very well, even in a favorable polarization
configuration. The results obtained in terms of BER (about 3x 10'3) are considered
to be acceptable for HF transmission, and the throughput is four times higher than
in usual HF modems (10 kbps instead of 2.4 kbps). Moreover, no coding,
interleaving nor soft decision techniques were employed to reach these
performances. Hence the transmission quality could be a lot better still if some
coding were added, with only a few throughput loss.

The application presented in this paper proves that arrays of collocated antennas
can be successfully used to improve HF transmissions, but the principle could
also be extended to other frequency bands : taking polarization into account
increases the diversity range of a receiving system, thus increasing its ability to
separate incoming signals and suppress interferences.
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GEODESIC SPHERE PHASED ARRAYS FOR LEO
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Technology is both an end in itself and a means to other ends. When you figure something
out and make it work, there is pleasure and excitement. Not just because the technology is going to
do something, but because you created something with its own inherent beauty, like art, like
literature, like music.

--- Andrew S. Grove, Intel.

ABSTRACT

Invention of a new phased array antenna architecture, the Geodesic
Sphere Phased Array, is described [ 1 ]. Presence of symmetry in these new
phased array antenna structures are examined in this paper. A comparison
is made between the two antenna element arrangements in the geodesic
sphere panels-- one derived from the regular icosahedron and the other
derived from the truncated icosahedron. A detailed computation could then
be made to quantitatively assess the performance.

1. INTRODUCTION

Structural symmetry plays an important role in the design and operation of
phased array antenna systems. This paper deals with the symmetry issues
associated with the element arrangements in geodesic sphere phased array antenna

TRANSMIT/
RECEIVE
UNIT

POWER DIVIDER /COMBINER AND
SWITCHING NETWORK

Figure 1: Schematic of a Geodesic Sphere Phased Array Antenna system. Each
triangular subarray consists of circularly polarized antenna elements.
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system recently invented[ 1, 2, 3, 4, 5 ] for communication with Low Earth Orbit
(LEO) satellites and for ballistic missile defense applications. An outline of an
antenna structure is shown in Figure 1. There are two versions of the array
structures that are under consideration. One is based on regular icosahedron
( Platonic solid ) and the other is based on truncated  icosahedron
( Archimedean solid ). Alternative breakdown scheme employed to construct the
geodesic sphere based on the regular icosahedron shows that the triangular
subarray panels are not all equilateral triangles. This implies that element
arrangements in the array are nonuniform but the element positions are fixed
according to the geometry of the array structure. The situation is more favorable
with the geodesic sphere phased array based on the truncated icosahedron.

2. THE INVENTION IN HISTORICAL PERSPECTIVE

This year 2001 marks the hundredth anniversary of array antennas. Guglielmo
Marconi was first to use an array of grounded monopoles arranged in the shape of
a triangular fan antenna to transmit the world's first transatlantic wireless signal
from Poldhu, Cornwall, England in December 1901.

In the second half of the century gone by, intermittent attention has been
focused on arrays on spherical surfaces. Well-known antenna engineer Robert C.
Hansen in his recent book of 486 pages, Phased Array Antennas( 6 ] devoted one
page to the subject of spherical arrays with the following introductory remarks:

"4 spherical array behaves much like a cylindrical array scanned only in
azimuth, but the lattice and depolarization problems are unique to the sphere.”

This observation speaks for itself. However, one wonders, what lattice problems ?
In relation to phased arrays, have we ever considered lattice structures that are
characteristic to the spherical surface ?

I

| ]
|
._

Figure 2  Marconi’s an array antena fr tansmitting the first
transatlantic wireless signal from Poldhu, Cornwall, England in December 1901.
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Sixty nine years since Marconi’s first use of an array antenna, Schrank in a paper
[ 7 ] read at the second Phased Array Antenna Symposium in 1970 held at
Polytechnic University of Brooklyn, Long Island Center, presented a preliminary
performance analysis of spherical arrays where the array was constructed on the
curved spherical surface by projecting a planar arrangement of elements on each of
the twenty faces of a regular icosahedron. Decades later, Collier and Holzheimer in
a patent [ 8 ] described accommodation of an all hexagonal arrangement on the
spherical surface which was a inventive improvement over an all pentagonal
arrangement experimented with earlier. Around the same time, Stuart[ 9 ] in a
patent described an accommodation of all hexagonal planar arrangement on to a
dome by making the connecting linear edges flexible. None of these arrangements
are characteristic to the spherical surface. The geodesic sphere arrangement is a
characteristic arrangement pertaining to the spherical surface.

3. GEODESIC SPHERE PHASED ARRAY APPLICATIONS

One of the advantages of the geodesic sphere phased array antenna architecture is
that it is made up entirely of triangular flat planar subarray panels and no curved
surfaces or lines are involved. Thus array construction and assembly are much
easier. A geodesic phased array structure is modular and could be easily taken apart
by the independent and self-sufficient triangular flat subarray panels and
transported. The phased array could then be reassembled anywhere. This is a major
advantage. Another advantage is in maintenance. A defective subarray panel could
be easily detected, quickly removed and replaced by a new one.

As depicted in the schematic in Figure 3, a geodesic sphere phased array antenna
operating in X-band could be the radar sensor of choice in a Ballistic Missile
defense scenario. In the commercial arena, the geodesic sphere phased array has
worldwide applications in tracking and communications with Low Earth Orbit

satellites. . . .
Defending Against a Missile Attack

The Bush administration's proposal for a missile defense plan includes
technologies to detect and destroy incoming missiles at all phases of flight

o/ a2
/7 o Mg N

o v N : e N lilystration is schematic
PHASEOF  €)) BOOST PHASE © miocouRse pHase €) TEAMINAL PHASE

oURATION 18010 300 seconds  About 20 minutes About 30 seconds
DEFENSE " Air-based laser” Sea-based missile Ground-based
OPTIONS  Space-based laser ~ Ground-based missile
Spacebasedmissile Missle o
DEPLOYMENT About 2009 About 2006 About 2001-2007

o SENSORS Ground-, sea- and satellite-based sensors detect and track
missiles and assess effectiveness of missile defense. Proposed budget
for 2002: $495 mitlion.

Saurces: Balistic Missile Dalense Organization; Carnagie Endowment lot International Peace

The New York Ttmes

Figure 3 An application scenario for the Geodesic Sphere Phased Array Antenna
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4. ARRAY CONSTRUCTION

Corresponding to each face of the regular icosahedron, the geodesic sphere
phased array structure is constructed using ‘alternative breakdown scheme' as
explained with the schematic in Figure 4. A few of the triangular panels are
equilateral, some are isosceles and a majority of them are neither. This will result
in an array which will have a definite ordered arrangement but the rotational
symmetry in the array around many geodesic vertices will be degraded. This
degradation in rotational symmetry and their consequences in the array radiation
pattern needs to be assessed quantitatively.

Whereas, for the truncated icosahedron based structure, the planar faces that are
further subdivided to construct the geodesic sphere array, are equilateral triangular
in shape. Consequently further subdivisions will result in a geodesic sphere array
where the element arrangements are substantially uniform. A quantitative estimate
of the array symmetry reflected in the array element radiation pattern around a
polar axis through any one of the vertices needs to be ascertained. The first step in
this direction is the determination of the coordinate points of all the elements in the
array. This is done by first calculating the coordinate points in the Cartesian
coordinate frame and then transforming these coordinate points in a global spherical
coordinate frame. Calculation of the element positions for arrays of the two types
has been carried out from analytical expressions derived first.

5. ARRAY ANALYSIS

In the geodesic sphere phased array, none of the antenna elements are on the
surface of the circumscribing sphere. Only the vertices where the planar triangular
subarray panels intersect are on the spherical surface. In the far field radiation
pattern calculations, the phase relations amongst the antenna element excitations

Figure 4. Construction of the geodesic sphere phased array antenna panels. Most
of the triangular panels are not exactly equilateral. This results in nonuniformity in
the element arrangements for the array of the Platonic type.
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are most important. The antenna elements could be circular apertures or circular
microstrips  capable of carrying dual orthogonal circular polarizations. In the
beginning, when array antenna pattern symmetry is to be studied, one ignores the
mutual coupling effects and just computer the array element pattern or array
radiation pattern when a portion of the array is energized, to set up a beam in a
given direction.

5.1 Field representations

The electromagnetic field exterior to the array surface is represented in terms of
spherical waveguide modes in a global coordinate frame [ 9 ] with polar axis
through one of the original vertices of the icosahedron( regular or semi-regular ).
The element field are represented in terms of circular waveguide modes and
expressed in terms of local spherical coordinates. The element field polarizations are
resolved along global 6 and¢; directions.

5.2 Enforcement of approximate boundary conditions

Element by element approach is utilized in the array analysis. For each element, the
field matching is done at the element interface and spherical transmission line
relations are utilized to transform spherical transmission line modal fields from the
radial position of the element to the radius of the circumscribing geodesic sphere.

5.3. Array pattern computations

Unless mutual coupling analysis is needed to be performed, it is not necessary to
solve the approximate boundary value problem and one goes directly into array

Figure 5. This geodesic sphere array layout defines the array symmetry of the
truncated icosahedron based structure. Further subdivisions of the hexagonal
and pentagonal panels provide triangular panels.




o

Figure 6. The subarray panel of the geodesic sphere phased array antenna
laid out on a planar surface.

pattern computations. Towards this end, each element field contributions are
expressed in terms of spherical waveguide mode fields on which far field
approximations are made.

As outlined earlier[ 3,4 ], the array could be energized to set up a main beam in
the direction of a vertex and subarray scanning techniques could then be employed
to provide limited electronic scanning in the space between the vertices. This
scheme has the promise of a lower cost.

6. SUB ARRAY SCANNING

The geodesic sphere phased array could be designed to have each and every
element equipped with a power amplifier whose gain is variable in digital steps with
required precision and a digital phase shifter of desired precision. Then a digital
computer becomes capable of fully controlling the array with multiple high
precision beam forming capabilities. However for the array to be affordable for
commercial applications, one needs to explore the subarray scanning performance
of the array in tracking and communication with a maximum of two satellites at a
time. Then the requirements become simplified. A computer program is currently
under development that will numerically evaluate the array performance and
provide a design based on given physical performance parameters. Incremental
progress made in this direction is the subject matter of this paper.
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7. ARCHITECTURAL CHOICE : ARCHIMEDES VERSUS PLATO

The geodesic sphere phased array based on the truncated icosahedron is the
system of choice in the present investigation. The subarray panels are more uniform,
lending itself to lower cost of fabrication. Four or sixteen element triangular
subarray panels are basic building blocks, each equipped with Gallium Arsenide
based MMIC units to provide power amplification( or LNA ) and phase shifting to
the transmitted ( or received ) signa in digital steps.
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Abstract

The resolution of contemporary parabolic radars as well as radars under
development with various scanning patterns are defined by the width of their
directionality patterns (DP). Usually these DPs are calculated by the field
integration at the parabolic mirror’s aperture, and only the real part of DP is
taken in consideration. The simple formula € =70( 1 /D), evaluates the width
of such DP when a radiator is at the mirror’s focus. But in a real situation,
when the radiator is displaced from focus and the classic Gyugens-Kirchhoff
approach is used for the field integration, the resulting DP becomes a
complex function due to significant phase change. Therefore the
directionality pattern of the scanning parabolic antenna should be described
by vector function (Vector DP). Vector DP have much larger maximum
scanning angle than conventional “amplitude” DP, especially for an
asymmetrical parabolic antenna.

In this article several examples of results for calculated and experimental
vector DPs are presented and they practically coincide.

The usage of vector DP can vastly improve the parabolic radar resolution.
This is especially important for development of large range early warning
radars.

Key words: Radar, Parabolic Antenna, Vector DP, and Super-Resolution.

Introduction

This article presents some DP calculation results from the Calculation of
parabolic antennas' published in Russia, in particular, for DP of parabolic
antennas with various beam-scanning methods when the radiator is displaced
from a parabola’s focus. The goal was to reach desired radar specifications, using
computer simulation. To solve this problem, one has to determine the relationship
between the antenna's location parameters (the scanning angle, side beam's, level
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of beam dilation, decrease in amplification) and its technical parameters (the
radiator displacement from the focus, the parabolic antenna size to its focus ratio,
the required level of illumination of the mirror's edge area).

This article gives a brief description of the two methods for vector DP
calculations. The first one is based on integration of the field at the mirror's
aperture when the radiator is displaced from focus. The second one is based on
the integration of the currents at the mirror surface induced also when the radiator
is displaced from focus. The calculations were made for the regions of the main
maximum and near side lobes for both symmetrical and asymmetrical antennas.

The first part presents the results for parabolic antennas with scanning angles of
no more than 10 degrees. Within this range it is possible to calculate DP by the
field integration at the reflector's aperture as is proved by the comparison of the
calculation and the experimental results. Besides that, the mutual influence of DP
between horizontal and vertical planes may be neglected. This means that the 3-D
problem of DP calculation can be reduced to a 2-D problem. In addition, one can
get both the amplitude and the phase field components, which are amplitude and
phase DP. All these allow characterizing the far-field zone by the Vector DP
(VDP), which can much better utilize the antenna's potential. And again, there are
a few examples of calculated and experimental amplitude and phase DP and VDP.
It is also shown that VDP, with the same displacement from focus, provides much
larger scanning angle than conventional amplitude DP.

The second part presents the results of the induced current integration at the
mirror surface for cases when the radiator is in and out of focus for both main and
parasitic polarizations. For instance, when DP is presented in isolines, one can see
field deformation shaped like a comma. All calculations were made in
Mathematical Institute of Russian Academy of Science using the computer

designed by academician C.A. Lebedev.
The calculation algorithm was elaborated by 1. Belova, the coauthor of

Calculation of parabolic antennas'.

Part 1: The calculation of a parabolic antenna DP by integrating the field at
the reflector’s aperture.

The parabolic antenna beam pattern for the main maximum and nearest side lobes
can be described in Kirchhoff’s approximation by the following formula:

3
g(0) = [F&etesnovelag (1)
él
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where 0 - is the angle that shows the direction to the distant point relative to the
antenna axis, normal to the axis & & - & = D — the parabolic reflector diameter;
k=27 /A. For the symmetrical reflector |&| = |&| = D/2 = &nax. For asymmetrical,
max — 4:2 .

The solution for this equation (1) is obtained by the numerical integration for
many peculiar cases. This enables to plot the generalized DP for scanning
parabolic antennas when the radiator has small offset from the mirror focus.

For these calculations two coordinate systems are used, as shown on Figure 1.
Cylindrical coordinates r, o , with polar axis z, going through the focus O, and
orthogonal coordinates &, z with the zero point at the parabolic reflector apex.

e'

% c

Figure 1: The coordinate systems were used in calculations

Let us put the radiator at the point C, with the beam pattern maximum direction
under the angle ¢y to the axis z. Let us put in dimensionless values: /F=a, &yax/F
=p, new variable x=&/ & .x and denote u/z = (D/4) siné. Then the integral (1) can
be written as:

gulm)= | F(x)e/t vy @)

For numerical integration, the integral (2) is presented by:
gu/r)= A(u/ﬂ)ejo(%)Ax
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Then the far-field amplitude according Calculation of parabolic antennas' is
equal to:

A/ 7) = Ax\/{}: F(x;)cos[ux; - V/(x,-)]} + {Z F(x;)sin[ux, - vx(x,-)]} 3)
and the far-field pll-lase: )

Z”: F(x,)sinfux, —w(x,)]
®(u/7) = arctan = (32)
.Z F(x,)coslux, —w(x,)]

Here: x; = & /épax; X =xm+ A, ... x, = 1; n = D/Ax — the number of the
point of summing.

It was shown that for the DP calculation at different », at the main maximum, and
at nearby side lobes for D ~ 1004, it is sufficient to calculate A(u/z) and ®(u/7)
with intervals Ax = 2,51 . For smaller antenna calculation intervals Ax needs to be
smaller to provide an n > 40. For the determination of F(x) and y(x) let us use
the Figure 2.

Figure 2: The process of field formation at the mirror's aperture.
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Figure 2 shows the incident (p, and p) and reflected (/ and /,) beams, which came
at the same aperture point, when the radiator is in focus or at some arbitrary point
C respectively. This figure was used for determination the field distribution at the
antenna aperture. In the general case, the equation for the calculation of y(x) is
rather cumbersome. But in our case, with the radiator having a small displacement
from the focus, it was assumed that:

E=¢and =1 ()

then, according Calculation of parabolic antennas':

i (bsz a’
asbxsma+|1—-| — cos Q@ p— —
zD 2 2

—bjlw (bsz
I+ —
2

where x = £/F, a=r/F - is the radiator displacement from the focus, and b=bmax/F
Now, let us determine the expression for calculating the value F(x) in the formula
(3). Let us assume that the real radiator DP (for power) is described by function
f(x). Then, the field distribution along the aperture, with condition (4), can be

described as:
Py Y&
P

here p is convenient to write as:

)

w(x)=

2

p= (bx—asina)2+[l—(%x) —acosa} (6)

Absolute value of F(x) depends on the value p, i.e. on the mirror dimension and
on the radiator displacement from the focus. It is more convenient in the equation
(3) to use the normalizing value of the amplitude at the mirror aperture i.e.
F(x)=F(x)/F(x)max. If the radiator's DP is normalized, then one can determine the
radiator position at the focus and the direction of its maximum to the parabola's
apex, py =1 ¥ f,,(x) =1, when the linear dimensions are presented through the focal
distance. In the general case, when the radiator's DP maximum is turned from the
optical axis on some angle ¢ (as in Figure 1), or in the case of asymmetrical
reflectors, when & # &, the radiator's DP maximum has to be directed
approximately to the mirror's center.
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By failing to get the simple formula for the DP calculation of real homn-type
antenna, the determination of f{x) can be done quite well by the following
approximation:

f(X) — e_[n(¢_¢o)]2 (7)
Here ¢ - the angle between straight line p and the reflector optical axis z, equal to:
. bx—asina
@ = arcsin ———
p

The relation between ¢ and x, for the case when the radiator is at the parabolic
focus, is expressed by:

@ = 2arctan % (®)

The value ¢ in (7) is the angle of radiator's beam rotating with respect to the
reflector optical axis. The function (7) is a good approximation of real radiator DP
in the vicinity of reflector's aperture, as was shown by the calculation. In the limit’
case of the uniform field distribution in the antenna's aperture f{x)=0".

The formulas (5) — (7) permit the parabolic antenna DP calculation by the usage
of equations (3). However, in order to investigate the influence of specific
parameters on the antenna’s DP such as for instance b = &ua/F, it is necessary to
keep aperture field distribution the same, while changing F. From (8) one can see
that at the same x and at different b the angles ¢ and ¢; are related by the
equation: tan(¢/2) = (b;/b)tan(¢/2). For this case following condition' provides
the equal field distribution at the mirror’s aperture:

(1+cosg,)-(1+cosg, )}2 )

S(x)= f‘(x){(1+cos¢)-(l +c0s @y, )

Here the real radiator DP is approximated by function:

fi(x)= e[n(«p-%)f (10)

The condition (9) permits one to move into the calculation the series of universal
distribution F(x) which, for the case of radiator's disposition in the focus, can be
calculated by the formula:

F(x) = ‘“;fx) (11)

By using formula (11), such series of amplitude distributions becomes invariant
for any b values.
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As a rule ¢, (at Figure 1) is chosen from the condition of symmetrical
illumination at the antenna's aperture. For asymmetrical reflectors at & # &, the
maximum radiator's DP, ¢, is directing approximately to the center of reflector,
Figure 3 shows the series of amplitude distribution F(x) for asymmetrical (a) and
symmetrical (b) reflectors. The value y is the field level at the reflector's corner in
% and is determined by the formula (10) for different .
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Figure 3: (a) - aperture field for asymmetrical reflector,
(b) - for symmetrical reflector and various y

In Calculation of parabolic antennas ! it was shown that for the case when the
radiation comes from the focus and ¢ is taken as an argument, the aperture field
distribution is similar to the Gaussian curve described by the formula (10), but
with a different index of exponent. Herewith, both indexes, for reflector and
radiator, are linear to each other.

Formula (3) was used for the calculation of the DP series. To determine the range
of /7 variation, i.e. the range of angle 6, one can use well-known empirical
formula for determining the Ghax

(4! T)max = DIA $in6max ~(DIA) (a sina)/(1+ b*/8)

The range for u/x is determined to be 3-4 DP's width, which can be approximately
calculated, by the known formula 8,, = /D in radians.

The algorithm, based on the mentioned formulas, allows us to calculate the
values: A(u/ and @(u/7) i.e. amplitude and phase DP.

For testing the proposed method, calculations of DP were provided for real
antennas, with different radiator offset from the reflector focus. The real radiator
DP was approximated by the formula (10).
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Figure 4 shows the examples of calculated and experimental DP.
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Figure 4: The examples of calculated and experimental DP:
(a) - calculated and experimental amplitude DPs;
(B) - calculated amplitudes and phase DPs;
(c) - experimental amplitude and phase DPs;
(d) - vector DPs plotted using the amplitude and phase DPs from (c).
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Figure 5: An example of calculated vector's DPs of the antenna with the symmetrical
reflector :

Figure 4 and Figure 5 show that the vector DP maximum, with the same rotation
of phase front at the reflector's aperture, scan with a much greater angle than the
traditional antennas, which only use the amplitude DP.

Obviously, the vector DP (VDP) can vastly improve the locator resolution,
particularly for distant detection.

In Calculation of parabolic antennas ! the numerous examples of amplitudes and
phases DP were calculated for different generalized parameters: a = r/F — relative
offset radiator from reflector focus; b = &pnax /F, where Emax (for a symmetric
reflector), is equal to D/2, where D — reflector diameter, y - the field level at the
reflector's edge relative to maximum value in %.

Part 2: Some results of DP calculation for parabolic antennas by integration
of the current on the reflector's surface.

It is known, that electrical and magnetic currents generated by arbitrary radiator at

the surface S produce far-field E and H at the distance R. These fields are

described by following expressions Antennas of centimeter’s and decimeter's
2

waves “:

Ez“%'f{;iﬁ[(\/gF®+Fﬂ¢)'i®+(\/gF¢—F;@)'iw] (12)

H=\/%[iR E]
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Calculation of parabolic antennas ! describes the method for calculation of the
spatial DP of the parabolic antenna based on the calculation of the current at the
reflector surface S, excited by the radiator arranged at the reflector's focus or
somewhere near it, and on the subsequent calculation of the spatial distribution of
the far-field components E and H, i.e. the spatial DP.

The calculations were based on the following assumption: the reflector's
conductance is infinite and, therefore, on the reflector surface there exist only the
current distribution k = —2[nH,], where H; — the field vector of radiator near the
reflector surface and n — unit vector normal to the reflector surface, directed to the
radiator. Magnetic currents induced on the reflector's surface generate far-field
E(R) and H(R), which can be calculated by the formula (12) with:

F= J' [Hsn] ejk Ir} cos&dS
: N
Here H; is the vector of radiator's field at the reflector surface S. Figure 6 shows

some examples of calculations. (Note: in (12) the value F,= 0 due to reflector's
infinite conductance). '
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Figure 6: Examples of calculated far-field zones, when the radiator is displaced from the
reflector focus for z =181 and z=0.

e S

I

(a) - for primary and (b) - for parasitic polarization respectively at z = 1841
(c) - for primary polarization at z = 0 and with emphasized level (up to 85%) of illumination of the
reflector's outer boundary
(d) - the pattern of current directions at the reflector surface
left:  up - for electrical and magnetic dipoles (the horn analog) in the reflector focus,
down ~ dislocated from the focus
right: up - electrical dipole in the focus,
down - dislocated from the focus
(€) - current distribution at the mirror surface when electrical dipole is at the focus

Conclusion

From a brief description of this research, which is described in detail in
Calculation of parabolic antennas ! one can make the following conclusion:

The actual DPs of parabolic antennas with the radiator displaced from reflector's
focus, are described by the complex function: g(g) = 4 e ' ? where 4 — is
“amplitude” and ¢ - “phase” DPs .

With an increase of the radiator displacement from the parabola's focus, especially
with asymmetrical reflectors, n phase chops multiple to 7 take place inside the
“amplitude” DP, i.e. the resulting vector DP (VDP) contains several maximums.
Use of VDP i.e. measuring amplitude and phase of received signals, allows
significant improvement in resolution of parabolic locators. From the big series’
of amplitude and phase DP calculations, it follows that the biggest advantage of
VDP occurs with an asymmetrical parabolic reflectors because of their sharper
phase DP.
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Abstract: The traditional methods to analyze reflector antennas are based on
the physical optics (PO) and geometrical theory of diffraction (GTD), which
are high-frequency approximation methods. The modern development of fast
algorithms and high-speed computers makes it possible to analyze the
reflector antennas accurately based on the integral equation method. In this
paper, we propose an efficient algorithm to accelerate the solution of the
combined field integral equation using the multilevel fast muitipole

algorithm (MLFMA) combined with the fast far-field approximation
(FAFFA). MLFMA is a fast Nlog N algorithm, which has found wide
applications. However, the translation between groups in MLFMA is
expensive because spherical Hankel functions and Legendre polynomials are

involved and the translator is defined on an Eward sphere with many £
directions. When two groups are in the far-field region, however, the
translation can be greatly simplified by FAFFA where only a single k
direction is involved in the translator. Numerical results show that both the
computational load and memory requirement can be reduced using the
FAFFA-MLFMA algorithm with little loss of accuracy. For over-a-million-
unknown problems, the reduction of CPU time can reach as much as 40%.
Using the FAFFA-MLFMA algorithm, the reflector antennas can be
accurately analyzed and the current distribution on the reflector can be

obtained.
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1. Introduction

The traditional methods to analyze reflector antennas are based on the physical
optics (PO) [1] and geometrical theory of diffraction (GTD) [2], which are high-
frequency approximation methods. PO and GTD can give good approximation for
the radiation pattern, but the current distribution on the reflector surface cannot be
accurately obtained. Also, PO and GTD are less accurate when the frequency is
low. The modern development of fast algorithms, for example, the fast multipole
method (FMM), and high-speed computers makes it possible to analyze the
reflector antennas accurately based on the integral equation method.

FMM was originally proposed by Rokhlin and coworkers to evaluate particle
simulations rapidly in solving the static integral equations [3]-[5]. In 1990, the
FMM was extended by Rokhlin to solve two-dimensional (2D) acoustic wave
scattering problems [6] and it has been extended to solve electromagnetic
scattering problems by many researchers in both two and three dimensions [7]-
[14]. Due to the reduced computational and memory complexities of FMM, it can
greatly reduce the CPU and memory requirements in solving integral equations
when large problems are considered. This is known as the cruelty of
computational complexity in computer science. A regular two-level FMM reduces
both the computational and memory complexities for a matrix-vector multiply
from O(N?) to O(N'?), where N is the number of unknowns. Without nesting,
the ray-propagation fast multipole algorithm and the fast far field approximation

algorithm [12]-[13] can further reduce the computational complexity to O(N'*).

The multilevel fast multipole algorithm (MLFMA) further reduces the complexity
and memory requirement to O(N log N) [15]-[20]. In the MLFMA implemented
by Dembart, Epton, and Yip [20], the complexity of matrix-vector multiplication
has been reduced to O(Nlog® N) using the interpolation, signature function, and
filtering. In [15]-[17], Song, Lu and Chew have implemented an efficient
MLFMA using the translation, interpolation, anterpolation, and grid-tree data
structure, where both the computational complexity and memory requirement are
reduced to O(Nlog N) . Based on the efficient MLFMA, the Fast Illinois Solver
Code (FISC) was proposed. Solutions of integral equation with an equivalent
dense matrix system of up to ten million unknowns have been solved using such a
method.

However, MLFMA is still expensive in solving the radiation and scattering
problems of large objects because the required floating point operations (FPO) is
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proportional to AN log N where the constant 4 is large. The exact translation

between groups in the three-dimensional (3D) MLFMA involves spherical Hankel
functions and Legendre polynomials, and the translator is defined on the Eward

sphere with multiple k directions. Hence, the translation process is time
consuming even though interpolation and anterpolation are used. The exact
translation is necessary when two groups are close or in the resonant region.
When they are in the far-field region, however, the translation can be greatly
simplified using the fast far-field approximation (FAFFA) [13]. The FPO of
FAFFA is proportional to 4N"* where the constant 4, is smaller due to the
simplicity of the algorithm. Therefore, the combination of MLFMA with FAFFA
will improve the efficiency of the algorithm. Lu and Chew have developed a two-
level FAFFA method for 2D problems. Later, the FAFFA was extended to 3D
case in [21]-[22]. However, the proposed FAFFA is not efficient since there are
many non-far-field-region groups for an observation group, which have to be
considered as near interactions and be computed using direct matrix-vector
multiplication. Moreover, the computation of the group far-field patterns in
FAFFA is a M’ procedure, where M is the number of required directions.

Therefore, we propose to combine FAFFA with MLFMA to accelerate the
solution of scattering problems. For an observation group, the interaction from
near- and resonant-region groups, i.e., the non-far-field groups, is implemented
using the conventional MLFMA, while the contribution from far-field groups is
computed using FAFFA. To combine FAFFA with MLFMA [15]-{17] and FISC
efficiently, new forms of radiation patterns and translator different from those in
[13], [21], [22] have been derived for FAFFA, which are valid for all the EFIE,
magnetic field integral equation (MFIE), and combined field integral equation
(CFIE). Numerical examples are given, which show the efficiency to analyze the
reflector antennas using the FAFFA-MLFMA algorithm.

2. FAFFA-MLFMA Algorithm

The basis of MLFMA is the addition theorem. We consider two points r, and r,
in a computational domain. Suppose that r, is an observation point, which is
located in group m (observation group), and r, is a source point which is located

in group n (source group). r,, and r, represent the centers of observation and

source groups. Hence, the spatial vector from the source point to the observation
point can be written as
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Tij = Ij — Tj = Tim + Tmn + I'nj 1
If groups m and n are not overlapping or adjacent, then
Itim + Tnj| < |tmal-

Therefore, the spherical wave function can be expanded using the addition

theorem as:
eikll‘,‘-l‘jl ik N
|r' - I _ ;ﬂ. dzk ik- (rzm+rn1) (k . f,mn)7 (2)
i — 1y

where the integral is defined on a unit sphere (Eward sphere), and a,,, is called a
translator which is defined as

L
(b - ) = 3 8 (20 + DAY (krmn) Po(k - i), 3)
=0

where L is the truncation number of an infinite series, 4 (-) is the spherical
Hankel functions of the first kind, and B(-) is the Legendre polynomial. Here,
r,. and 7 represent the distance and direction from group m to group n.

From (1) and (2), we notice that many k directions have to be used for numerical
evaluation of the integral, which is expensive. Instead of using the addition
theorem, the electrical distance k|r; — r;| can be rewritten as

klr; — v;| = k7mn + kfmn - (Fim =+ Tnj) - )

when the two groups are well separated. Hence, the spherical-wave function (2)
can be approximated in the far-field as

iklr;—r;
_6_'__:’1 —— ik zkO (r1m+rn3) far 5)
|r; — x| = in’ Fmn s
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where ko = kko, ko is the ray direction from group » to group m, and aj,, is the
translator in far-field region:

" eikrmn
ar

(6

tkrpn

Clearly, Equations (5) and (2) share some similarities. However, only one
direction k, is used in (5) with a simple translator.

Using the plane-wave expansion of the spherical wave defined in (2) and (5), we
develop a FAFFA-MLFMA algorithm for electromagnetic radiation and
scattering by general 3D conducting objects. If the conducting objects are closed,
the CFIE is used to eliminate the resonant effects; if they are open, the EFIE has
to be used. Since EFIE is a special case of CFIE where the combination parameter
a =1 [17], we apply the CFIE to formulate the problem. Choosing the Rao-
Wilton-Glission (RWG) basis functions [23], the CFIE can be discretized using
the method of moments (MOM) as a matrix equation

SN Zili=Vi, (i=1,2,---,N), @)

where the impedance matrix and voltage vector have been defined in [16], I is the
current on the conducting surface, and N is the number of unknowns.

2.1 Two-Level Algorithm

For a two-level algorithm, the first step is the grouping of the unknowns. Usually,
the relative spatial positions of two groups m and » can be classified into three

types:

o the near region, where groups m and » are overlapping or adjacent;

e the resonant region, where groups m and » are not overlapping and non-
adjacent, but they are not well separated;

o the far-field region, where groups m and » are well separated;
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For the near-region interaction, the impedance matrix has to be evaluated using
conventional MOM and direct matrix-vector multiplication. Fortunately, the
number of near-region groups is very small.

For the resonant-region interaction, the impedance matrix can be efficiently
computed through the fast multipole expansion (2). Using the formulations
derived in [17], the impedance matrix can be expressed as

Zi; = & [ 2kV jim (k) - amn(k - Fmn) - Vang (k), (8)
where V,, (12) and V, (12) are the radiation pattern and receiving pattern, which
are given by

Vf,'m(]}) = 01/ ds (i— l}i}) 'ti(rim)eik'r‘m )
s
— (1-a)kx / dSe' T imti(rim) X 7,
s
Vins(h) = [ a5 (T k) - ang)e, 10)

where ¢ is the combination parameter of the CFIE, t(r;») is the testing function,
f(r,) is the basis function, and # is the normal direction of the conducting
surface.

We remark that (8) is a general formulation if the observation group is not
overlapping and non-adjacent to the source group. The conventional FMM is just
based on this equation. However, the multipole expansion (8) is still expensive if
the two groups are well separated.

For the far-field interaction, the impedance matrix is simply computed through the
far-field approximation (5). Since (5) has a similar expression to (2), the
impedance matrix can be directly written from (8) as

——V pim (ko) - @ - Vi (ko), (11)
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where V,, (k) and V,,, (k) are given by (9) and (10) when k=k,.

Considering the above three cases, the matrix-vector multiplication in the two-
level algorithm is easily written as

N
D %l = ) Y %l
j=1 n€ENy, jEG,
+ Zi_l':; dziitsz'm(iﬂ) : Z amn(i‘ “Pmn) - Z V""j(ic)Ij

n€Ry JEGn

ik I. far I. .
+ Evﬁm(ko)‘ng amn'jezG: Vonj(ko)Ij, (i € Gm), (12)

where N,, R,,and F, denote indices of near region, resonant region, and far-

field region with respect to group m, respectively. In the resonant and far-field
interactions in (12), the summation } ;¢ Vsn;I; represents the aggregation of
all unknowns in group # to the group center, the summation _,, mn Tepresents
the translation from group » to group m, and Vy;,, - -- represents the
disaggregation from the center of group m to all unknowns in this group.

2.2 Multilevel Algorithm

To solve very large problems efficiently, a multilevel algorithm is required. First
the 3D object S is immersed in the smallest box that contains S, which is referred
to be the zeroth level box. Then this box is divided into eight subboxes to form
the first level. Then each box in level 1 is divided into eight subboxes to generate
the second level, and recursively continued until the finest level F, in which each
box has a size of around 0.2 0 0.54 . The above procedure makes an oct-tree
structure. Similarly, a quad-tree structure can be made for planar objects like
conducting patches. After setting up the tree structure, boxes at all levels are
indexed, but only nonempty boxes are recorded. Thus, the computational cost
depends only on the nonempty boxes.

In the conventional MLLFMA, the coarsest level (or top level) is chosen as level 2
[15]-[17] for the best efficiency. However, FAFFA usually cannot be used at this
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level because all groups at this level are usually not in the far-field region. To
apply both FAFFA and MLFMA in the multilevel algorithm, we consider a
general case where the coarsest level is supposed to be C, so that the groups at
this level can be classified into the near region, the resonant region, and the far-
field region.

For an arbitrary observation group at the coarsest level, the interaction from
resonant region is implemented using MLFMA [17], where interpolation is used
in the aggregation from the finest level to the coarsest level and anterpolation is
used in the disaggregation from the coarsest level to the finest level because the
number of multipole expansions (k directions) increases tremendously as one
progresses from the finest level to the coarsest level; the interaction from far-field
region groups, however, can be simply computed using FAFFA, where only one
k, direction is involved. Besides the resonant and far-field region groups, the
interaction from near-region groups should be performed using a next lower-level
algorithm, and this process can be continued until the finest level. At the finest
level, the interaction from near region groups has to be considered by direct
multiplication.

From the above analysis, it seems that two separate sets of aggregation,
translation, and disaggregation are required for MLFMA and FAFFA,
respectively. But this is very expensive and unnecessary. In fact, the radiation

patterns at all levels in all k directions on the Eward sphere have been computed
in MLFMA. Hence, the radiation patterns for FAFFA can be directly obtained

using interpolation at the specified 120 direction. In the other word, only one

aggregation is needed. To combine FAFFA with MLFMA efficiently, the FMM
and FAFFA parts in the impedance matrix can be combined together. For
example, the two parts in the two-level algorithm in (12) can be rewritten as

& [ERV in(B) - [Snen, amn(k - Fmn) + e, aBnd(k = ko)
Yiea, Vani(B)I;, (13)

where 6 (I:t - 120) is a Dirac § function. From (13), we clearly see that only one

disaggregation procedure is required after the translation in the FAFFA-MLFMA
algorithm. Hence, the combination of FAFFA and MLFMA is performed only in
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the translation. The Dirac § function in (13) implies that the FAFFA translator
has a weight of one when k =k, and zero when k#k,.

In the numerical implementation of the algorithm, however, limited sampling
points kp (p=1,---,K) are used on the Eward sphere in the MLFMA. Here, K is

chosen as
K=2I2+2, L=kD+C(kD)3,

where C is a constant and D is the equivalent group diameter at the coarsest level.
In this case, (13) can be used only if &, is exactly one of k. Otherwise, an
interpolation has to be made for the FAFFA part in (12):

. M
ik - . . .
Zf- vaim(kpi) ) Z ﬁptale;z(kpt kﬂ) ’ Z Vsnj(kpt)1j7 a4

where p; € [1,2,---, K], M < K, I}p .S the direction close to I:to.The above
equation implies that all 12,, directions are considered for the FMM groups, but

only few I;P‘ directions (or one 120 direction) are considered for the FAFFA

groups. Therefore, both the CPU time and memory requirement can be reduced in
the FAFFA-MLFMA algorithm.

The choice of the coarsest level C is very important in the FAFFA-MLFMA
algorithm. If C=2, fewer or no groups can be treated using FAFFA; if Cis too
large, however, the level of the algorithm will be small which leads to the
inefficiency of the algorithm. Usually, the coarsest level is chosen as 3,4,0r5
depending on the size of the object.

3. Numerical Results
In the analysis of radiation and scattering problem using the FAFFA-MLFMA

algorithm, a criterion to define the far region is required. In the conventional
MLFMA [17], a concept of second near neighbors was introduced, where two
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groups are not near neighbors at the current level but their parents are near
neighbors. The MLFMA part is usually performed within the second near
neighbors. Thus, we can define the criterion in a quantitative form as

mn Z 7D2nd) (15)

where 7 is a constant larger than or equal to one.

- Mie series . {
—— FAFFA-MLFMA:y=1.5
- - FAFFA-MLFMA:y=1.0

8

Bistatic RCS (dBsm)
) =
-
——
— e
——

|
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Figure 1. The bistatic RCS of a conducting sphere of radius 1 m at 2 GHz (V-V polarization). A 6-
level algorithm is used. In FAFFA-MLFMA, the coarsest level is chosen as 3.

To test the validity and efficiency of the FAFFA-MLFMA algorithm, we first
consider the scattering by a perfectly conducting sphere of radius 1 m at the
frequency of 2 GHz, where 119,808 unknowns have been used. Figure 1 illustrate
the validation of numerical results from a six-level FAFFA-MLFMA with
different parameter » against the Mie series solution of the bistatic RCS for VV
polarization. In FAFFA-MLFMA, the coarsest level is chosen as 3. Clearly, the
numerical results from FAFFA-MLFMA are very accurate in both cases when
y=1.5 and y =1.0, as shown in Figure 1. When y =1.0, it implies that the
interaction from second near-neighbor groups is performed by the MLFMA, and
the interaction from groups outside the second near neighbor is performed by
FAFFA.
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The comparison of memory requirement and CPU time among the conventional
MLFMA (C=2 and y =100), the FAFFA-MLFMA (C=3 and y =1.5 or y =1.0),
and the MLFMA-only (C=3 and y =100) algorithms is illustrated in Table 1.
From this table, we clearly see that both the memory requirement and CPU time
have been noticeably reduced in FAFFA-MLFMA compared with the MLFMA-
only algorithm under the same coarsest level. When the parameter y decreases,
more groups are handled using FAFFA, and hence the reduction increases;
however, the accuracy of the numerical results becomes worse since FAFFA is
used in some groups that are not really located in the far-field region. When

y =1.0, both the memory requirement and CPU time used in FAFFA-MLFMA
have a significant reduction comparing with the conventional MLFMA.

Table 1. Co Comparison of memory requirement and CPU time of the FAFFA-MLFMA algorithm
when the coarsest level is chosen as 2 and 3

The coarsest level | Parameter ¥ | Memory (MB) | CPU time (s)
C=2 100 24945 1115.52
C=3 100 260.89 1299.04
Cc=3 1.5 249.26 1186.90
C=3 1.0 237.47 1063.59

Next, we consider a large-scale problem: the radiation of a 60m aperture parabolic
antenna. The parabolic surface is described by

z = 0.0125(22 + ¥?),

where the aperture is 60m in diameter, and the focal point is located at (0, 0,
20m). A x -directed electric dipole with unit electric current is fed at the focal
point. When the working frequency is 450 MHz, 723,178 triangular facets and
1,084,135 edges are used. For such an over-one-million-unknown problem, an 8-
level algorithm is used, and all computations are made on the Origin2000
machine with 10 processors.

When the coarsest level C is chosen as 2, 3, 4, and 5, the comparison of memory
requirement and CPU time of FAFFA-MLFMA is shown in Table 2, where C=2
corresponds to the conventional MLFMA. From Table 2, it is evident that over
100 MBytes in memory requirement and 27,554 seconds in CPU time have been
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saved using FAFFA-MLFMA when C=3 and y =1.0. Clearly, the reduction of
CPU time is more than 28 %. Hence, FAFFA-MLFMA is very efficient in solving

large-scale problems. This is because a huge amount of sampling points of k are
required for large problems in the conventional MLFMA (112,340 points in this
example); but only four points of k are needed in the FAFFA part of FAFFA-
MLFMA if we use four-point interpolation in (14). For small problems, the

number of sampling points for k is small in the conventional MLFMA. However,
four points are still used in the FAFFA part for the interpolation.

Table 2. Comparison of memory requirement and CPU time for the large parabolic antenna
problem.

The coarsest level | Parameter ¥ | Memory (MB) | CPU Time (s)
c=2 100.0 3331.05 96885.17
Cc=3 1.0 3228.84 69331.54
C=4 1.5 3167.14 88796.14
C=4 1.0 3113.26 66499.20
c=5 1.5 3052.83 58819.16

To compare the accuracy of the numerical results, Figure 2 plots the radiation
pattern of the parabolic antenna computed from the conventional MLFMA and
FAFFA-MLFMA when C=3 and y =1.0. Clearly, the numerical results from the
conventional MLFMA and FAFFA-MLFMA agree very well. Within 40 degrees
centered at the main beam direction, the two results are nearly identical.

For large-scale problems, the coarsest level can be set higher to increase the
efficiency of FAFFA-MLFMA. When C=4, FAFFA-MLFMA provides very
accurate results if ¥ =1.5 and y =1.0. When y =1.0, more than 217 MBytes in
memory requirement and 30,386 seconds in CPU time have been saved using
FAFFA-MLFMA. The reduction of CPU time is more than 31 %. The numerical
result in this case is illustrated in Figure 3. Clearly, the computed radiation
patterns from the conventional MLFMA and FAFFA-MLFMA agree very well.

When the coarsest level is set at 5 and y =1.5, the FAFFA-MLFMA is even more
efficient. Comparing with the conventional MLFMA, more than 279 MBytes in
memory requirement and 38,066 seconds in CPU time have been reduced using
the FAFFA-MLFMA. The reduction of CPU time is nearly 40 %. The radiation
patterns computed from the conventional MLFMA and FAFFA-MLFMA when
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C=5 and y =1.5 are illustrated in Figure 4. Clearly, the two results are in

agreement. However, FAFFA-MLFMA becomes inefficient when the coarsest
level is higher than 5, due to the increased number of groups for FAFFA

interactions.

—— Conventional MLFMA
— -~ FAFFA-MLFMA (C=3)

Radiated Electric Fleld (dBsm)
o 8 &

]
N
(=]

C

% 20 ) = 80 00 120 140 160 180

0 (Degrees)
Figure 2. The radiation electric field of the parabolic antenna at 450 MHz. An 8-level algorithm is
used. In FAFFA-MLFMA, the coarsest level is chosenas 3 and y =1.0.

4. Conclusions

An efficient FAFFA-MLFMA algorithm has been implemented to accelerate
solving the combined field integral equation in the electromagnetic scattering and
radiation problem. Comparing with the conventional MLFMA, both the memory
requirement and CPU time can be reduced using the FAFFA-MLFMA algorithm.
For very large problems, the reduction of CPU time can reach as much as 40 %.
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Figure 3. The radiation electric field of the parabolic antenna at 450 MHz. An 8-level algorithm is
used. In FAFFA-MLFMA, the coarsest level is chosenas 4 and ¥ =1.0.
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Figure 4. The radiation electric field of the parabolic antenna at 450 MHz. An 8-level algorithm is
used. In FAFFA-MLFMA, the coarsest level is chosenas 5 and ¥ =1.5.
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GTRI has developed a novel class of antennas called fragmented apertures,
comprising a matrix of conducting and dielectric regions. The antennas are
typically fabricated on thin dielectric substrates using printed circuit board
etching techniques. As such, they are thin, lightweight, and inexpensive to
manufacture. With a pixel size of approximately A/20 at the highest
frequency, the design process uses a two-step optimization consisting of a
genetic algorithm combined with a simple hill-climb. The result is near
diffraction-limited gain over wide bandwidths from a single feed point. The
antenna can also be matched to arbitrary feed impedance.

Arrays using fragmented elements are also presented. The individual
elements are allowed to connect electrically with each other. The pixel
pattern for the individual element is derived in an infinite array
environment, and the effects of finite aperture size (edge effects, scan
patterns) are then determined from simulations of the finite array. We
present an example design with a good match over a 20:1 bandwidth, as well
as measured data from test coupons with a 12:1 bandwidth (single linear
polarization) and an 8:1 bandwidth (dual linear polarizations). The
measurements are found to match FDTD predictions.

Application of ground planes to the fragmented apertures is also examined
with a consideration of the attendant effects on bandwidth.
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1. Introduction

Applications that require low profile, broadband antennas traditionally turn to
candidates such as spiral or bowtie antennas. These antennas are based on
geometrical constructs that maintain a constant scale across varying wavelengths.
Typical instances of these antennas are presented in Figure 1 along with the
predicted realized gain performance for each in a 10-inch aperture. Realized gain
is defined as directive gain times mismatch (both conductor and dielectric

substrate are considered lossless in these simulations).

20 e

_Frequency (GH2)

—— Uniform current sheet
— — Spiral (linear gain)
———— Bowtie

Figure 1. Traditional broadband, low profile antennas. Realized gain is
compared to the gain of a uniformly illuminated aperture of

equivalent size.

The directivity of a uniformly illuminated aperture, given by
D=4nA/ ¥

represents an ideal performance level for a practical wideband aperture. The gain
performance of the standard antenna designs suggested the possibility for
improvement. Thus, speculation turned to the kind of distribution of conducting
regions that might provide optimum performance for a given bandwidth.
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2. Single Feed Designs

In order to search for such a distribution, a 25-cm aperture was gridded into a
matrix of regions to be assigned either conducting or dielectric properties. The
practical problem then became how best to conduct the search.

2.1 Design approach (single feed)

To simplify the problem initially, consideration was given only to broadside
radiation in a single polarization. Thus, the feed point was placed in the center of
the aperture. The distribution of conductor regions was constrained to be
symmetric both up-down and right-left about the feed point, so only a single
quadrant of the radiating element needed consideration at each step.

To meet the need for a better search strategy, we developed a multi-stage
optimization approach to design the antennas. The radiating structure of the
antenna is optimized with a modified genetic algorithm (GA) using a driver from
Carroll [1]. An aperture of the type described above has 961 (i.e. 31 x 31)
degrees of freedom (2% = 107 possible antennas). A direct genetic optimization
with 961 binary genes exhibits very poor convergence. We have developed a two-
step process to improve the convergence rate. The first stage is a direct genetic
optimization using a large-scale characterization of the aperture — typically 40
genes. The second stage is a stochastic hill climb optimization using the fine
scale characterization — 961 degrees of freedom for a typical 31 x 31 aperture
(actually one quadrant of the aperture). This two-step approach has exhibited
good rates of convergence.

Genetic Code:
4,5,8,4,12,15,0,0,11,4,
1,4,4,7,2,2,14,17,9,5

45
11

15 B e
12

q R et

Coaxial_“ 144722141795
Feed

Figure 2. Representation of the first stage of the design process. The
description of the antenna is reduced to S-bit numbers or genes
(32 distinct possible lengths) that describe trapezoids that make
up the conductor distribution.

563




The key to the first stage of optimization is the description of potential antennas
with a smaller number of binary digits than the full 961 bits required for the 31 by
31 aperture. Our usual approach uses a set of triangular or trapezoidal conducting
strips in fixed locations in the aperture to provide a coarse description of possible
antennas. Figure 2 illustrates this stage of the design process. In this typical
example, the binary genes describe the length of two opposite sides of the
trapezoid, so that the conducting strip can be a triangular region (one side equal to
zero), a rectangular region (both sides equal), a general trapezoid (unequal but
non-zero sides) or not present (both sides equal to zero). The length of a side is
quantized to 32 possible lengths; thus only 5 bits are needed to prescribe a given
strip. A typical antenna contains 10 to 20 strips, so a total of 50 to 100 bits
describes the antenna for the first stage of the optimization process.

7 T

-

=
- 6

;

-

Relative Fitness

o

S 5

Figure 3. In the second stage of the design process, individual locations may
be randomly changed from conductor to dielectric or vice versa.
In this example, Dark gray indicates addition of conductor
material and light gray indicates removal of material

Once the genetic optimization has been performed using the large-scale
description of the aperture distribution, a fine-scale optimization process is
performed. This process uses the full description of the antenna (961 bits for this
31 x 31 aperture example). The fine-scale optimization process makes a minor
modification then compares the performance of the new antenna to that of the
genetically optimized antenna. A random location in the antenna is selected,; if the
selected site contains conductor, the conductor is removed and the performance of
the resulting antenna is computed. If the site did not originally contain conductor,
it is added and the performance is likewise computed. If the new antenna
performs better than the initial antenna, it is kept and the process is repeated as
many times as desired or until no further improvements are found. This
procedure, illustrated in Figure 3, can dramatically change the appearance of the
conductor distribution in the aperture and typically results in a 3 dB improvement
in the antenna performance.
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2.2 Design results (single feed)

The radiating structure of the antenna shown in Figure 4 was optimized using this
two-stage process to yield the best, uniform broadside realized gain over the
frequency span of 800 MHz to 2.5 GHz. Because the optimization includes the
effect of mismatch, the VSWR of the designed antennas is indirectly constrained.
The measured gain (solid black line) for the antenna shown in Figure 4 is
compared with the design prediction generated using a numerical code based on
the finite-difference time-domain (FDTD) method (dashed line). This single feed
design yields in excess of 6 dB of realized gain over the ~3:1 frequency band.
The measured H-plane radiation pattern at 2.0 GHz (dotted line) is compared with
the design prediction (solid line) in Figure 5. The radiation is directed in the
broadside direction as designed.

—————]
— - FDTD Model

—— Measured
—— Aperture Gain

15 ———r——7— T+

10}

Broadside Gain, dB
[,]

of )
S

Frequency (GHz)

Figure 4. Fragmented aperture antenna optimized over the 0.8 — 2.5 GHz
frequency range for flat system gain.

—e— Measured
——— FDTD Model

270

Figure 5. Pattern of the antenna shown in Figure 4.
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Since the optimization process was attempting to achieve a flat gain, the result
was limited by the lowest frequency in the band of operation. This observation
led to a reformulation of the optimality criterion — search for designs whose gain
over frequency mimics the uniformly illuminated result instead of a flat gain.
Four of the resulting designs are shown in Figure 6.

A
7 T 7
0 [ Aperture(Gain ]
. 15T T~3.5 to 3.6 Design

s ]
(_é 10 | -~ \;\2.4 to 3.0 Design
.a : \ ]
© i \-\ .
8 o f /\N\ ; 1.4 to 1.8 Design
m i \ o

. ,/\/ ——3 0.24 to 2.04 Design

0 A A " 1 A i " 1 1
0 1 2 3 4

Frequency (GHz)

3.5 to 3.6 Design

Figure 6. Four aperture designs and their predicted broadside gains.
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2.3 Interpretation of single feed designs

The designs of Figure 6 are for 10-inch square apertures with a single feed point.
Although these four designs do not encompass a very large population, they
suggest certain trends about performance trade-offs. The design from 1.4-1.8
GHz achieved performance closer to the uniform aperture than the design from
0.24 to 2.04 GHz. This is consistent with intuition that one might have to trade
some gain for broader bandwidth. Note also that the design from 3.5-3.6 GHz is
farther from the diffraction limit than the 1.4-1.8 GHz aperture design, even
though its operational bandwidth is narrower. This may be because the aperture is
electrically larger at the higher frequencies and thus may be harder to excite from
a single feed point.

2.4 Dual-pol design

The designs presented so far have all been linearly polarized. It is also possible to
design a dual polarized antenna with separate feeds for the two linear
polarizations. Such an antenna is shown in Figure 7. This antenna was designed to
operate from 1.4-1.8 GHz for both polarizations. The predicted performance is
also shown in Figure 7. The realized and directive gains at broadside both follow

the uniform aperture result
["-.q*' 23 -]'i k

'H-'[? . \
0 i / L i A 1 i L n
Ty i—l""' 10 12 14 16 18 20
" e

Frequency (GHz)

20—

[ | — =~ Directive Gain
[ | —— Mismatch Gain
| | == Aperture Gain

sy
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System Gain (dB)
>

Figure 7. Fragmented aperture antenna optimized for dual polarization
over the 1.4 - 1.8 GHz frequency range.

3. Fragmented Array Antennas

The fragmented aperture design approach was also applied to array antennas.
With numerous elements in a finite array, however, the modeling problem
becomes much more computationally intensive, and an array of any significant
size slows down the optimization process to the point where it is no longer
practical. As an alternative, we employ the standard approach of designing a
single element in an infinite array environment, where our FDTD field solver
efficiently realizes Floquet expansion through periodic boundary conditions. Such
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an approximation is usually sufficient for the iterations required of an
optimization algorithm. Then, when a design is obtained, the finite array may be
modeled once to determine the effects of array truncation. A comparison of the
two situations is illustrated in Figure 8.

Finite Array Infinite Array
(Below Grating Lobe Onset) (Above Grating Lobe Onset)

Array
Factor
Array
Factor
Array Grating
Factor Lobe

Figure 8. Notional representation of the effect of array factors in finite vs.
infinite arrays.

The antenna pattern is just the element pattern times the array factor. For the
finite array, this permits features of the element pattern to have a significant
impact on the antenna pattern, such as when an element pattern null leads to scan
blindness in a particular direction. In the infinite case, on the other hand, the array
factor is a delta function (or group of delta functions in the case of grating lobes).
Thus the antenna directive gain does not depend on the element pattern. The
realized gain is influenced by how well matched the elements are at their feed
points. Designing with an infinite array effectively means working toward the best
possible match, and then evaluating the finished design in the finite array. Since
the gain of an infinite array is infinite, we normalize the result to a perfectly
matched array. The gain in an infinite array environment therefore will be 0dB or
less (for apertures radiating equally into both forward and back hemispheres).

3.1 Connected arrays

With a traditional approach to designing arrays, one chooses the element based on
requirements of bandwidth, gain, polarization, etc., and then chooses the element
spacing to avoid grating lobes. In a useful design, the element is smaller than the
array spacing and inter-element coupling is manageable. In our application of the
fragmented aperture concept to array antennas, neighboring elements are allowed
to make electrical contact with each other. This has the effect of extending the
lower limit of operations to a frequency corresponding to the overall aperture size
rather than being limited by the individual elements. Since the element design is
performed while neither restricting the elements from touching nor requiring them
to touch, the optimizer can find the best way to connect the elements and account
for the resulting inter-element coupling. The longer dimensions of the connected
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conducting regions in the aperture are a key reason that the array bandwidth can
be extended to lower frequencies for a given aperture size.

Figure 9 illustrates the advantage of connected over unconnected arrays. Two
design exercises were performed for a 6-cm element. One design was constrained
so that the elements could not touch, and the other was unconstrained. Both
designs were optimized for match from 250 to 2500 MHz. As can be seen from
the plot, the design that resulted in a connected array exhibits much better match,
including a bandwidth beyond the original design criterion. In Figure 10, a
comparison of directivity only (neglecting mismatch) for each design in an 8 x 8
element array shows nearly identical performance between the connected and
unconnected arrays at these two operating frequencies. The advantage of the
connected desi gn is improved match, especially at the lower frequencies.

Unconnected
—— Connected
: Optimization ]
[ Range ]
of YT —=4 .

' T T SN Y

Return Loss (dB)

o S ¥ ol VAN

0.1 1 10
Frequency (GHz)

Figure 9. A comparison of bandwidth achieved with an array of 6 cm
elements, with element contact permitted or restricted.

90 9
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150

210X

—— Connected :
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Figure 10. Comparison of directivity of connected and unconnected arrays.
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3.2 Bandwidth and Aperture Size

For a given element design, the high frequency performance of an array is
dominated by the embedded element characteristics and element spacing, while
the low frequency performance is limited more by the physical size of the array.
In Figure 11 a comparison is made of the same element design in a 2 x 2 array, a4
X 4 array, an 8 x 8 array, and a 16 x 16 array (12 x 12 cm, 24 x 24 cm, 48 x 48 cm,
and 96 x 96 cm, respectively). The low frequency cutoff occurs in each case

when the aperture dimension is approximately A/3.
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Figure 11. Predicted realized gain from arrays of the connected 6-cm element
in Figure 9.

When the low frequency and high frequency cutoff points (defined as the
frequencies where the realized gain of the aperture falls 1 dB below the gain of
the uniformly illuminated aperture) are plotted as a function of array size, as in
Figure 12, it becomes clear that the low frequency limit scales inversely with
array size. The high frequency limit is relatively independent of aperture size, on
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the other hand. It is determined by the individual element design (including the
resolution with which the conductor distribution can be controlled) and element
spacing.
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Figure 12. Variation of the high and low frequency band limits for the arrays
in Figure 11 as a function of the overall aperture size.

3.3 Single Polarization Array Design

Figure 13 shows a photograph of the first array for which an actual test coupon
was fabricated. The element spacing is 3 cm, so no broadside grating lobe should
appear up to 10 GHz. The measurement fixture used to characterize these
antennas dictated the aperture dimension of 30 x 25.5 cm. The test coupons were
fabricated and mounted on brass plates 30 cm in diameter, which were rotated in
an image plane 6 m on a side. Figure 13 also shows a photo of the test setup. With
the test coupon imaged in the reflection plane, the array effectively measured 30 x
51 cm and consisted of 10 x 17 elements.

Figure 14 shows good agreement between prediction and measurement of the
realized gain of the embedded center element at broadside (all other elements
terminated with matched loads). The figure also includes the embedded element
pattern at 10 GHz.

Figure 15 predicts realized gain of the finite array (10 x 17 elements, all elements
driven) compared to the gain of a uniform current sheet on the same size aperture.
At 1 GHz, the smallest dimension of the antenna is one wavelength and the
predicted gain is still following that of the uniformly illuminated aperture.
Broadside performance is good all the way to 12.5 GHz, which is beyond the
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grating lobe onset (10GHz). A “notch” in the element pattern (see Figure 14) at
90 degrees serves to suppress the far out grating lobes.

Figure 13. Left, test coupon for a single-pol aperture designed to operate
from 800 MHz to 10 GHz. Right, photo of the test setup used to

characterize the array.
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Figure 14. Left, Realized gain (FDTD calculation and measurement) for the
center element of the 10 x 17 element array with other elements
terminated. Right, Embedded element pattern at 10 GHz.

If one assumes every element has the same gain-mismatch (admittedly a shaky
assumption for off normal scan angles and elements near the aperture edges), the
total array performance can be inferred by multiplying the embedded element
gain (scan element pattern) by the number of elements (170 with the imaged
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elements). When this calculation is done with the measured pattern from the
center element, good agreement is obtained with the numerical simulations of
array performance. This approximation falls apart at low frequencies where array
truncation has the most pronounced effect, but surprisingly, it does well down to
about 1 GHz.
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Figure 15. Realized gain (FDTD calculation) for the 10 x 17 element array
compared to the aperture limit (gain of a uniform current sheet
of the same size) and a projection based on the measured
embedded element gain.

3.4 Dual Polarization Design

To assure good dual polarization performance for these designs, we restricted the
design space to those configurations with symmetry about the 45-degree diagonal
containing the element feed. For operation from 1.25-10 GHz, the element
spacing was fixed at 1.5 cm (A/2 at 10 GHz). Design goals included good
scanning performance out to 60 degrees from boresight.

We used a standard design procedure for these arrays. A pixel size of 0.5 mm
(M60 at 10 GHz) was chosen. The pixel distribution was optimized in the infinite
array environment, and then a finite array of 17 x 17 elements (chosen to fit our
30 cm diameter test fixture) was modeled to verify adequate performance in the
finite case. Finally the embedded element pattern was computed (17 x 17 array
with only the center element driven and all other feeds terminated). The
calculated embedded element pattern can be measured directly on the GTRI
image plane test facility, and thus serves to validate the design. In addition, by
examining the element pattern for nulls, one can anticipate frequencies and angles
where scan blindness might be a problem for the full array. With this in mind,
five candidate element designs were generated (optimizing only at boresight), and
the most robust element pattern was selected for additional analysis, fabrication
and scanning tests. Figure 16 shows a cartoon of a 2x2 element section of the
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array, along with a photo of one half of the 17x17 array mounted on an image
plane for measurement purposes.

Feeds

Figure 16 Left, 2 x 2 elements of the pattern optimized for 1.25 to 10 GHz.
Right, An array test coupon mounted on a brass plate for
measurement on the image plane.

The test pieces that were fabricated consist of 17 x 8}z elements etched onto a
polyimide sheet. This “half array” was mounted on a rotating brass plate
embedded in the image plane, so together with its image it formed a 17 x 17 array.
Fed from below the image plane, the center row of 17 elements were available for
actual signals; other feed points were terminated with 100 €2 load resistors (the
imaged equivalent of the 50 €2 transmission line feeds).

Two sets of measurements were performed on the test coupon after it was
fabricated. In the first set, the center element was driven with all other feed points
terminated. This embedded element performance can be compared directly to
numerical predictions, and the measurement can be extrapolated to the
performance of a 17 x 17 array with all elements driven. In the second set, the
row of elements along the image plane was driven with appropriate phase offsets
to evaluate scan performance of the design.

3.4.1. Embedded element results

Embedded element patterns were measured by driving only the center feed with
undriven feeds terminated with 100 & resistors. Figure 17 shows aperture
impedance plotted on a Smith chart, along with the magnitude of the
corresponding reflection coefficient. Figure 18 shows a plot of the predicted and
measured realized gains. The agreement between measurement and prediction is
good.

574



Reflection Coefficient

4 5 6 7 8 9 10
Frequency (GHz)

Figure 17. Left, Smith Chart of the embedded element impedance measured
at the center element with other elements terminated. Right, Plot
of |['| vs. frequency.
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Figure 18 Comparison of measured and predicted realized gain at 0°
azimuth, driving only the center element feed with other feeds
terminated.

Embedded element patterns for this aperture were measured at 1.25, 1.4, 2.5, 3.7,
5.0, 7.0, and 10.0 GHz. Figure 19 shows plots of realized gain as a function of
azimuth angle. In these plots, the antenna is aligned so that the 0-degree azimuth
angle line is perpendicular to the face of the antenna. Because there is no ground
plane behind the antenna, it radiates as much energy in the back hemisphere as in
the forward hemisphere. One expects symmetry in the antenna patterns along
azimuth lines at 0-180 degrees and —-90-+90 degrees. The symmetry is automatic
for the predicted patterns (because of the symmetry in the calculations). The
symmetry is also evident in the actual measured patterns.
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Figure 19. Embedded element patterns for 17x17 array of optimized
elements.
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The predicted and measured data agree well for each of the embedded element
patterns from —30° to +30° about broadside. For the frequencies from 2.5-7.0
GHz, the patterns agree through the entire 360 degrees of azimuth angle.
However, for angles around endfire (+90 and +270) the predictions and
measurements diverge somewhat.

Within the design region, especially along the 0° azimuth line, the antenna shows
a reasonable realized gain. This is consistent with the antenna optimization
applied to the broadside direction. However, a deep null exists around 1.6 GHz
from approximately 50 to 130 degrees. This null explains the discrepancies in the
embedded element patterns at 1.25 and 1.4 GHz for angles near +/-90°. Slight
shifts between the predicted and measured frequencies of the null manifest
themselves as large discrepancies in plots of gain versus angle at the affected
frequencies. Figure 20 illustrates this more explicitly with a comparison of
measured and predicted realized gain vs. frequency at an azimuth angle of 60
degrees. For example, one would expect the most serious disagreement at 60 |
degrees for frequency cuts at 1.55 and 1.65 GHz.
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Figure 20. Frequency cut at 60-degree azimuth angle showing the slight shift
in null position responsible for pattern discrepancies in the 1.25
and 1.4 GHz pattern cuts of Figure 19. The plot on the right is a
blowup of the region circled in the plot on the left.

3.4.2. Scanned row array results

3.4.2.1. Scan impedance

An important measure of performance for scanning arrays is the input impedance
as a function of scan angle, the so-called scan impedance. Hansen [2] points out
the necessity of measuring this quantity with all active elements driven to get
accurate results. Our test coupons are not configured to perform full array
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scanning, but the test coupon can be configured as a row array by driving the
feeds along the image plane row and treating each column as an individual
element. Thus, we performed a series of measurements on the row array to
determine scan impedance (of the column element) for comparison with
predictions.

The row array was driven through a splitter network that produced 16 matched
signal outputs. Since the row array had 17 columns, one element would not be
driven. To maintain the center of rotation under the center of the array, both
outside elements were terminated with matched loads and the other elements were
driven with 15 of the 16 splitter outputs. Symmetry was also maintained in the
measured pattern cuts (an easy verification that the measurement system is set up
correctly). Appropriate phasing for scan angles of 0°, 30° and 50° was achieved
by fabricating three sets of feed cables with individual length differences
calculated to produce the requisite time delays. Then the row array was measured
using each set of feed cables. Data sets collected at each scan angle include
realized gain and gain vs. frequency and azimuth angle, and scan impedance
measured at the center element.

Figure 21 shows the setup below the image plane for measuring the scan
impedance. The output of the network analyzer feeds into a 4-way power divider
that feeds four more 4-way power dividers. The output of one of these 16 ports is
terminated, and the other 15 used to drive the center 15 feeds along the image
plane. Scan impedance can be determined from the reflection coefficient (I'), or
s;) parameter, at the port of interest when the other elements are fed with the
appropriate time delayed lines. The s;; parameter for the center feed is measured
with a microwave network analyzer. The scan impedance (Z,) then is calculated
as:

7 -7 (1+1‘)
in 0|7 1
1-T , where Zo = 50 Q.

The scan impedance was measured vs. frequency for 0°, 30°, and 50° steering.
Note that the antenna is steered through the use of true time delay (different cable
lengths) rather than fixed length cables and phase shifters. Each steering angle
requires a different set of cables because the time delay between feed points is a
function of the steering angle.
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Figure 21 Schematic of the experimental setup used to measure scan
impedance.

Measured and predicted data are shown in two formats: plots of the magnitude of

the reflection coefficient as a function of frequency, and Smith charts. Figure 22
through Figure 24 show results for scan angles of 0, 30 and 50 degrees,
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respectively. The agreement between measured and predicted values of scan
impedance (and reflection coefficient) validate the model being used and give us
confidence in the predicted values for arrays with all elements driven.

Reflection Coefficient for O degree scan

1.00 - : -

| -

i -——— Measured
075 — - Predicted
0.50
0.25 : e
0.00

2 3 4 5 6 7 8 9 10
Frequency (GHz)

Figure 22. Left, Smith chart of the predicted and measured scan impedance
at the center element for 0 degree scan angle. Right,
Corresponding plot of || vs. frequency.

Reflection Coefficient for 30 degree Scan
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Figure 23. Left, Smith chart of the predicted and measured scan impedance
at the center element for 30 degree scan angle. Right,
Corresponding plot of |['] vs. frequency.
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Reflection Coefficient for 50 degree Scan
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Figure 24. Left, Smith chart of the predicted and measured scan impedance
at the center element for 50 degree scan angle. Right,
Corresponding plot of |['] vs. frequency.

3.4.2.2. Steered Antenna Gain Performance

The experimental setup for measuring pattern cuts for the row array was very
similar to the scan impedance setup illustrated in Figure 21. The changes were
that signal al from the directional coupler and signal b1 from splitter SP-4 were
both terminated with matched loads. (The coupler remains in place because the
phasing of the coaxial feeds was based on the coupler being in the signal path.) In
addition, the HP8510C was replaced with a HP8720 at the feed point below the
rotary joint, and s7; was measured instead of sy;. Again, the array was steered
using 15 of 17 elements along the image plane. The 2-port calibration of the
network analyzer includes the cable feeding the first power divider.

In order to compare measured data with predictions, the insertion loss of the feed
network must be accounted for. The uniformity of the power splitters simplifies
the task. Variation between ports is typically on the order of 0.01 dB, with a
worst case spread of 0.3 dB. Similar ranges occur from splitter to splitter. The
theoretical best-case insertion loss along one signal path through two splitters and
a feed cable is approximately 12 dB for lossless devices, due to the 16-way split.
An additional 1 to 4 dB is dissipated by the feed network itself. In view of the
uniformity of the splitters and cables, the measured data was corrected by a factor
equal to 15 times the insertion loss of a typical measured signal path.

In Figure 25 through Figure 27, antenna power pattern plots of realized gain are
presented for scan angles of 0, 30, and 50 degrees, respectively. In each case,
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measurement and prediction are compared at frequencies of 1.25, 2.5,3.7, 5, 7,
and 10 GHz. The agreement is good.

1.25 GHz

150 /

Predicted 90
’ 90 — — Measured v

5 GHz

270

Figure 25. Comparison of measured and predicted antenna patterns for the
row array steered to 0 degrees.
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Figure 26. Comparison of measured and predicted antenna patterns for the
row array steered to 30 degrees.
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1.25 GHz
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Figure 27.. Comparison of measured and predicted antenna patterns for the
row array steered to 50 degrees.
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4. Ground Plane Effects

The test coupons discussed in this paper so far have all been characterized with no
backplane, i.e., each aperture radiated equally in both the forward and back
hemispheres. In many cases, antennas will be operated with a backplane to shield
feed structures and instrumentation behind the antenna and to direct more of the
energy in the direction of interest in the forward hemisphere. This is particularly
true for antennas conformally mounted on structures such as vehicles or walls. A
solid metal backplane or ground plane will ideally be placed at d = A/4 behind the
radiating aperture for optimal performance, i.e. for the direct and reflected waves
to add in phase, resulting in a 3 dB increase in gain. For apertures operating at
more than one frequency, of course, the ideal spacing must be compromised, and
the wider the operating bandwidth the more problems this will cause. Periodic
nulls for broadside radiation will result at frequencies where the separation is a
multiple of a half wavelength. For frequencies where the separation is electrically
small, the ground plane produces a large mismatch and essentially shorts out the
antenna.
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Figure 28. Predicted response of wideband array with ground plane placed 3
cm behind the aperture.

4.1 Wideband array with ground plane

Figure 28 illustrates the effect of a solid metal ground plane placed 3 cm behind
an infinite array of the element design from Figure 16. The half-wave nulls occur
at approximately 5 and 10 GHz. If the operating bandwidth for an aperture in
front of a ground plane is defined as the region where broadside gain equals or
exceeds the 0 dB baseline, i.e. the region where the ground plane contributes
positively to the antenna gain, then this antenna exhibits a bandwidth from 574
MHz to 4.6 GHz, or approximately 8:1 with a solid metal ground plane. This is a
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typical response for a fragmented aperture design optimized without a ground
plane and then modeled with the ground plane present. Interestingly, optimizing
with the ground plane present does not seem to improve performance for these
wideband designs.

4.2 Single feed antenna with ground plane

Although A/4 spacing between radiating surface and ground plane is considered
optimal, some applications require a low profile antenna at frequencies where a
A/4 separation is not practical. If the fragmented aperture surface is designed in
the presence of the ground plane, better than anticipated performance may be
obtained at separations of as little as A/30-A/60 (depending on the aperture design)
over a narrower bandwidth. Figure 29 plots the gain and reflection coefficient for
two designs. Both are single-feed, fragmented apertures designed for optimal
performance from 2-3 GHz, and both are 9.3 cm square. One design was
performed with no ground plane present, and one was designed with a solid metal
ground plane 2 mm (A/60 at 2.5 GHz) behind the aperture. It can be seen that even
with a solid metal sheet only A/60 away, the realized gain is within 2 dB of the
no-ground-plane case over the design band. Furthermore, it is a significant
improvement over the case where a ground plane is added to the “no ground
plane” design.

. 1.0 @
& -
T 0.8 1
£
]
& = 0.6
kS T 04
N
s 0.2 \/
@
0.0
0 1 2 3 4
Frequency (GHz) Frequency (GHz)
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—6— GP added to original design
—a— Antenna designed with GP present

Figure 29. Gain and reflection coefficient for single feed fragmented
apertures designed for operation from 2-3 GHz, with and without
ultra-close ground plane.
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5. Conclusion

Fragmented apertures provide antennas that are thin, lightweight, and inexpensive
to manufacture. An efficient two-step optimization process consisting of a
genetic algorithm combined with a simple hill-climb has been developed to make
antenna design practical for both single feed and array cases. The approach allows
near diffraction-limited gain over wide bandwidths from a single feed point. The
antenna can also be matched to arbitrary feed impedance.

Incorporating these elements into connected arrays provides many of the same
benefits (thin, light weight, inexpensive). Designs have been developed and tested
with good match over a 12:1 bandwidth (single pol) and an 8:1 bandwidth (dual
pol), and measurements were found to match FDTD predictions.

The fragmented arrays can be operated with a solid metal ground plane over 8:1
bandwidths. It is not known if this level of performance is unique to the
fragmented design approach or is characteristic of wideband antenna designs in
general. However, the fragmented design approach does permit accommodation
of ultra-close spacing between aperture and ground plane (A/60 or better) with
little loss of performance over bandwidths as great as 50% from a single feed.
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